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Abstract—This work presents the design and implementation of RF ANALOG DIGITAL BASEBAND

a 2-V cellular transceiver front-end in a standard 0.25pm CMOS
technology. The prototype integrates a low-IF receiver (low noise
amplifier, I/Q mixers, and VGAs) and a direct-upconversion trans- —
mitter (1/Q mixers and pre-amplifier) on a single die together with
a complete phase-locked loop, including a 64/79 prescaler, a fully
integrated loop filter, and a quadrature voltage-controlled oscil-

CMOS

lator with on-chip inductors. Design trade-offs have been made ==
over the boundaries of the different building blocks to optimize e pse

the overall system performance. All building blocks feature circuit
topologies that enable comfortable operation at low voltage. As a
result, the IC operates from a power supply of only 2 V, while con- <>
suming 191 mW in receiver (RX) mode and 160 mW in transmitter T .“ 1 %
(TX) mode. To build a complete transceiver system for 1.8-GHz cel-

lular communication, only an antenna, an antenna filter, a power

arnpllnerl and a d|g|tal baseband Ch|p must be added to the analog Flg 1. Transceiver front-end in a Complete solution for DCS-1800.
front-end. This work shows the potential of achieving the analog

performance required for the class I/l DCS-1800 Cel_lular Sy_stem transmit path, the image is canceled due to the quadrature up-
'rgifl‘gta”dard 0.25¢um CMOS technology, without tuning or trim- e rsjon. The only remaining external filter is the preselector
' filter, which is directly positioned behind the antenna. This is,
however, no real limitation since today’s cellular applications
always require a switch multiplexer or duplex filter.
HE TOPOLOGY of the implemented CMOS transceiver Moreover, due to the absence of the external filters in this ar-
front-end is shown in Fig. 1. The transceiver IC integrateshitecture, the number of external RF nodes is greatly reduced
a low-IF quadrature receiver, a direct upconversion transmittesith respect to a heterodyne topology. Only the receiver (RX)
and a fully integrated phase-locked loop (PLL) synthesizer—iimput and the transmitter (TX) output are connected to the out-
cluding LC tank and loop filter—on the same CMOS die. Theide world. All other high-frequency signals remain on chip.
receive path consists of a low noise amplifier (LNA), a quadrdis means that the (external) passives that were previously
ture mixer, and an LF VGA filter. The transmit path consists dfansforming the local on-chip impedance down to the charac-
a quadrature upconversion mixer and an RF output driver. Ttegistic impedance of the IF or interstage filters are no longer
PLL contains a fully integrated polyphase quadrature voltageeeded. Also, the robustness of the architecture is improved be-
controlled oscillator (VCO), a 64/79 modulus prescaler, a phasguse the interaction with the package parasitics is minimized.
frequency detector, and an on-chip loop filter with linearizatiorRensitive nodes are not brought outside, decreasing the sensi-
A complete 1.8-GHz cellular system (Fig. 1) can be builivity to interference and crosstalk.
by flanking the transceiver IC with an antenna filter/switch, a The architecture also fully exploits the power of digital
power amplifier, a cristal reference, and a digital baseband chfignal processing. Apart from the coarse channel select filter,
containing the A/D, D/A, and the all-digital delta—sigma fracwhich also functions as antialiasing filter, and some signal
tional-V PLL steering. conditioning, the rest of the operations in the receive path, such
A low-IF/direct upconversion architecture has been selectad image rejection, channel selection and demodulation, are
because of its excellent integratability. Since the image rejezarried out in the digital domain by a digital signal processor
tion and the channel selection do not rely on higHiltering, (DSP). This is an attractive property, since the digital domain is
in principle no external filters are required. In the receiver, thafter all the natural biotope of CMOS. Additionally, in contrast
image rejection is done by quadrature down-mixing, whileinte the analog part, the digital part features a much better
scalability (i.e., portability toward next process generations)
and a great flexibility (i.e., software reconfigurable chip).
The low-IF architecture features the same high degree of in-
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Lo+ LO- only 6% of the incident power is reflected. The LNA directly
drives the downconversion mixer without intermediate image
filter, avoiding an LNA output matching circuit and a costly ex-
ternal filter component. The on-chip inductor at the LNA output
resonates against the load capacitance of/taad J mixers,
centering the gain at 1.84 GHz. The LNA features a noise figure
of only 2.2 dB at a power of 10 mW.

Each downconversion mixer employs a cascoded cur-
rent-folding switching mixer topology (Fig. 2). The folding
mechanism allows low-voltage operation while enabling the
insertion of a cascode transistor M2 to reduce local oscillator
(LO) leakage and LO self-mixing and to increase mixer
linearity. The largeVs — Vr of the input transconductor M1
Fig. 2. LNA and mixer topology. sets the mixer IPto +17 dBV,.; (224 mV rms). To keep the
feedback capacitance of the VGA small, the transconductance
of M1 must be kept to a minimum. However, noise and offset
considerations put a lower bound on the transconductance.

The limited Vgs — Vi of the top current source M4 is re-
sponsible for a lot of noise. The noise contribution of M4 is re-
duced by supplying a large part of the current of M1 through a
pMOS bleeder M3. Because M3 can be biased at a much higher
Vas — Vo than M4, for the same amount of current its transcon-
ductance and hence its noise contribution can be made much
lower. In addition, the capacitance on the switching node is re-
duced, leading to a higher pole frequency and consequently an
increased mixer efficiency. The contribution of M3 to the capac-
itance on the cascode node remains small because of its small
size. In principle, the current through M2 can be lowered until
the pole on the cascode node is degraded. In practice, the min-
imum current is set by the maximum input signal of the mixer:

Fig. 3. VGA topology. IQ,min > g1 Vin, max- (l)

for a significant relaxation of the required quadrature accuracglr;]hpemi']zisee Ot]:eineeani(r?sutS\év;tgzgfamE; Ilsosdsefl:rgltnoe(tjhsspge

specification. In this transceiver, an IF of 100 kHz is selected bE h h node. de off hi q
cause it ensures that the mirror signal is the signal in the adjac hlt & Switc dr:jo € dco Sef white n;nse an res‘LdL/q‘;
channel. Because the signal in the adjacent channel is maxim € |njecc:ite l';e to incomp etbel SW'tCI Ing T:@S T(;’ .
only 9 dB higher than the wanted signal [17], the quadrature arlesntmli g dzlimanrgﬁsa;er;o;sssIrnaex;[r?nzoev(\;etrotsSpI;r]:g;le W:mse
curacy specification is set by the second adjacent channel &

Y Sp y ) oise. A common-mode feedback (CMFB) circuit sets the

the required transmitter accuracy. common-mode level on the interface between mixer and VGA
to 1 V. This feedback is necessary because the common-mode
input impedance of the VGA is high. Note that the gate capac-
The low-IF receiver consists of an LNA connected to twitance of M6 determines the nondominant pole of the CMFB
( and@) downconversion mixers (Fig. 2) followed by a varicircuit.
able gain amplifier filter (Fig. 3). The front-end converts the RF The VGA, shown in Fig. 3, consists of a two-stage fully dif-
signal into a differential and() signal, centered at an 100-kHzferential Miller operational transconductance amplifier (OTA)
IF. XA A/D conversion, channel selection, mirror suppressiomjith a bank of highly matched®C transimpedance elements
and additional AGC is assigned to a digital CMOS basebaf@R1C, 8R1C, 4R2C, 2R4C, 1R8C). Apart from the VGA func-
chip (Fig. 1). tion, theRCtransimpedance performs first-order filtering of the
The LNA employs a classical cascode topology [1] that islocking signals and acts as a coarse antialias filter. The gain of
input matched using inductive source degeneration throughthe VGA can progressively be decreased by 6 dB by connecting
on-chip spiral inductor. The slightly lower input impedance ahe transimpedance elements in parallel. The VGA switches
30 2 improves the LNA gain by about 1 dB compared to amustbe placed at the virtual ground of the OTA in order not
exact 50€2 match. In the original technique [2], [3], an extrao cause distortion. The common-mode output voltage of the
matching section is introduced between thefb@ource and VGA is controlled by an additional CMFB circuit. The low dif-
the 30£2 LNA input. However, this LNA does not employ suchferential-mode input impedance of the transimpedance ampli-
a section since thé; is already—12 dB, which means that fier ensures a maximum transfer of current from the mixer to the
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Fig. 4. PLL topology.

VGA. In addition, this structure exploits the linearity of passiveircuit design, the spurs are suppressed to values that could not
elements and high-gain OTAs to provide a rail-to-rail output &ven be measured with the spectrum analyzer. The maximum
minimum distortion. Due to the large loop gain, the output adperating frequency of the complete prescaler is designed to be
the VGA stays very linear until the 1-dB compression point &.2 GHz for a power consumption of only 7 mA at 2 V.
415 dBV,.r (224 mV rms) is reached. The frequency synthesizer integrated in the transceiver is
a charge-pump PLL. The phase difference detection is done
with a zero-dead-zone phase-frequency detector (PFD) [7],
ll. PLL FREQUENCY SYNTHESIZER whose output pulses control a dual charge pump. To minimize
reference spur generation by the PFD-charge-pump circuit,
The LO signal for both the RX and TX path is generated bythe charge-pump current sources are carefully matched and
fully integrated fourth-order type-Il PLL frequency synthesizethe charge injection due to transients when the pumps are
which is included in the transceiver chip (Fig. 4). A quadraswitched is minimized. To accomplish this, first the integration
ture LC-tank VCO as well as a fourth-order 35-kHz low-pasth the first path of the loop filter is done actively to keep the
loop filter are integrated on-chip. By integrating the loop filtecharge-pump output at a fixed level. Second, the charge pump
and the VCO, no external HF nodes are present, reducing tratgrent is designed to be at least a magnitude larger than the
mitted signal pickup and power consumption. Furthermore fized parasitic charge injection of the switch transistors. In this
64/79 high-speed prescaler, a phase-frequency detector wittcaee, the charge-pump current isuA. Last but not least, a
dead zone, a dual charge pump, and a three-step equalizettiafing control scheme is developed to control the charge-pump
implemented. To synthesize the 200-kHz channel spacing, ssvitches. The switching scheme is such that the undesired
quired by the DCS-1800 standard, delta—sigma fractidnai- charge is not injected in the filter impedance, but is deviated
vision [4] must be applied, which is purely digital and thereforthrough dummy current branches.
in the chip partitioning assigned to the CMOS digital basebandA type-II fourth-order PLL implementation was chosen to
processor (Fig. 1). ensure sufficient noise and spurious suppression. For sufficient
The high-speed division of the prescaler is done with twghase margin, a low-frequency stabilizing zero is inserted in the
dynamic single transistor clocked logic (DSTC) n-latcheeop filter transfer function. Due to its low-frequency nature,
[5], forming a differential dynamic D-flip-flop, which is the capacitance to realize the zero is very area expensive. To be
clocked by the differential output signal of the VCO. Theable to go to full integration, a dual-path filter topology has been
flip-flop operates with rail-to-rail internal signals to minimizeimplemented [8] (Fig. 4). Two filter paths, one integrati@r J
the residual prescaler phase noise. The 16-modulus divisamd one low-pass filterK,,, C,) are added to reveal a virtual
(64/79) is implemented with the phase-switching topology [6%ero, without additional capacitance. The frequency of the zero
The different divide factors are generated by switching betweencontrolled by the charge-pump scaling fackror stability,
the 90 spaced output phases of the second flip-flop, whosiee zero is placed a factor 4 lower than the crossover frequency
output is the input signal divided by four. When the @pacing of the loop, and the two poles( = R,C, and7, = R4Cy)
is not ideal, spurs can be generated at 1/4, 2/4, and 3/4 oftBét determine the out-of-band suppression are placed a factor 6
MHz (the PLL reference frequency). By careful layout antligher than the crossover frequency. The resulting phase margin
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TABLE |
PLL PARAMETERS
Design parameters | Passive elements Performance
®, |35kQ R, 3.2kQ Ly, {600 kHz} | -125.9dBc/Hz
Iy 4 pA Ry 1.07kQ Settling time 293 us
B |12 C, |240pF
Cs |710pF
PM | 57° C, | 450 pF
¢ 0.77 Ciow | 1.4 nF
Fig. 5. Upconversion mixer transistor structure.
TABLE 1

VCO INDUCTOR PARAMETERS

#turns 3 L R

coit

Width (um) 15 I"“‘“W\’I
Co/2

Radius (um) | 120 Ca/2 )
2Rsub -
Bias RF buffer Pre-amp

L (nH) 2.857 R,

Caus (PF) 1.83 "

Rcoil (Q) 37 e . . . . . g
Fig. 6. RF current buffer with high-pass filter function and the pre-amplifier.

Row (€2) 75

power consumption. The injection of spurs, generated by the
is 57° and the damping factafis 0.77. The open loop transferhigh-speed digital switching in the prescaler are minimized by
function of the PLL is then given by separating the prescaler power supply from other supply lines
and on-chip bypassing. Moreover, isolation buffers are inserted

GH(s) = Iyp - Kyeo . L+ 572 2y between the VCO and the prescaler to prevent kickback noise
2n - N 87O, - (14 s7p)(1 + s74) from entering the VCQ.C tank.

. _ _ . . As can be seen in (2), the VCO gain determines the open
with 7. = R, - (0 + B - C.) = BIR,C, ™ = By 7y = loop gain of the PLL. To make sure that the loop is stable
R,Cy, 1,, the charge pump curren/ the division factor, and : : . e :
K., the VCO gain. and achieve its noise specifications over the complete tuning

A PLL model that calculates the noise contributions of tH&"9& the VCO gain influence must be stabilized. Therefore, a

different PLL elements has been implemented in Matlab [ ree-step equ_ahzer is implemented, which keeps the prqdl_Jct
: NP f the VCO gain and the charge-pump current constant within
Using the program, an optimization has been performed to

. . er?e:determined ranges. The equalization is done by comparing
termine the values of the loop passive components and the | 98 .
. . N . ; VCO control voltage with voltages generated by a reference
bandwidth. The most important optimization goal is to achle\fe L . :
. e ; .. ladder. Schmitt triggers provide the hysteresis necessary to
the phase-noise specification for DCS-1800 with all capacitance . . -
; ) . . avoid instabilities.
on-chip. This trade-off is mainly controlled by the charge-pump
factor B, the size ofR, (and thusC,), and the loop band-
width. The resulting loop parameters, the loop filter compo-
nents, and the simulated PLL performance are summarized irfAn intrinsically linear transconductance mixer topology has
Table I. The total integrated capacitance is only 1.4 nF. The lobpen selected to convert the baseband and local oscillator sig-
bandwidth of 35 kHz is chosen to satisfy the settling perfonals into a linear high-frequency modulated current. Four nMOS
mance, which is simulated using Saber [10]. To comply with theonswitching transistors biased in the linear operating region
2-V power-supply constraint, the addition of both filter paths isave been combined to provide balanced quadrature direct up-
performed in the current domain. This gives a sufficient margoonversion with a single-ended output (Fig. 5). A good under-
to synthesize the DCS-1800 frequency band, since the VC@tanding and optimization of the impedance degeneration ef-
tuning range is more than 28% at 2 V [11]. fects on the sensitive mixer nodes is essential to prevent the
The out-band PLL phase noise is determined by the phasgnal from being reduced and to guarantee the proper linear
noise of the VCO. An inductor with & of 9 is integrated in operation. Based on the analysis of the first- and second-order
the standard CMOS process with only two normal-sized metffects and the short channel effects on the linearity [13], the
layers (M1: 0.6:m and M2: 1.0:m) and a moderate substratdransconductance mixer has been designed to have low distor-
resistance of H2cm. The inductor parameters are listed ition, intermodulation and LO-feedthrough components.
Table II. The VCO is designed to drive the polyphase filter Fig. 5 also shows the large on-chip integrated capacitors at the
without additional buffering. The resulting phase-noise degrhaseband nodes of the mixer transistors. The modulated RF cur-
dation is simulated to be less than 1.8 dB, while no increaseregnt flows through the capacitors toward ground and not through

IV. TRANSMIT PATH
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Fig. 7. Quadrature VCO

the bonding wires. The RF signal linearity and amplitude bend
come independent of the bonding wire’s matching and length 1 AVp L\’
as the RF signal remains on chip. HD3 = 32 Vas — Ve \ I

A low impedance is required at the common mixer node ) ) ) )
to prevent additional mixing products by the Iow—frequency_The relatively large cgrrents require considerable tra_n5|stor
square baseband current component and to minimize the ¥idths. Because of the direct relation between the matching per-
generation of the high-frequency component. The buffer ust@ymance apd the_transmtorarea [14], a.good transistor matching
in this design provides a low impedance at both high and IN¢W AVr) is achieved. Hence, a relatively low dc/ac current
frequency and also performs a high-pass filter function on tf@tio can be allowed in the pre-amplifying current mirror stages.
mixer current. The transistor schematic is shown in Fig. 6he currentamplifications are a trade-off between the gain and
The ac coupling in the buffer offers the advantage that ﬂ.ﬁge poles at the different nodes_. The dc voltag_e_s have been de-
circuit can be used at a very low supply voltage. Another aglgned to be at the same value in the pre-amplifier stages, guar-
vantage of this ac-coupled topology is that the dc voltage %rt\teelng the same drain—source voltage biases. In this way, op-

®)

the common mixer node can be chosen quasi-independefifj@! linear behavior is achieved.
of the optimization of the output buffer, resulting in an im- £ach pre-amplifier stage also includes a low-frequency
portant extra degree of design freedom. feedback loop through the pMOS current source transistor. It

Any low-frequency mixing component is compensated by tftermines the dc bias and also suppresses any residual low-fre-
PMOS feedback loop, which also sets the dc voltage. The ba4iency signal. The total amplification has been designed to
width and the gain of the LF loop and of the HF ac-coupled logpFhieve a 0-dBm output signal in a SDioad. .
have been designed to provide both the required low impedancd N€ Upconversion mixer is driven by balanced quadrature sig-
and the high-pass filter function. The current buffer, which gua@!s- The balanced quadrature LO signal is generated by a dif-
antees correct mixer operation, and the successive output driG&gntiall. C-type oscillator and a differential-to-quadrature con-
are based on nMOS folding current mirrors. This has the advaffing polyphase filter. The second-order polyphase filter has
tage that the power-supply current stays constant. The RF c@f./—« accuracy of more than 35 dB over several hundreds of
rent only flows locally in small loops. In this way, coupling toTegaHertz, resulting in a sufficient safety margin to deal with
other parts of the system through the power supply is preventIﬁi?hn()'Pg'CE" inaccuracy. A higher order for the polyphase fllter_

A major advantage of the folded current mirror structure {§Sults in a better accuracy and a larger frequency band, but this
that a good linearity can be achieved with a relatively low d€ &t the cost of a higher power consumption in the buffers. To
current. The distortion components can easily be estimated fr@figvent the signal loss, which is intrinsically caused by the pas-
the -V characteristics of MOS transistors. For a current mirr&iVe nature of thdrC network, the active output buffers pro-

this results in vide the LO signal to the mixers. Although the passi&filter
does not consume any dc power, the buffers that are typically in-
D9 — 1 AVyp I cluded between the VCO and the polyphase filter are very power

8 Vas— Vo I ) hungry. Therefore, these buffers have been questioned, resulting
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in the overall optimization of the VCO, the polyphase filter, th
mixers, and the pre-amplifier. In this design, the VCO direct]] a2
drives the two-stage polyphase filter. The transistor schemat
are given in Fig. 7. The merging of those two building block
can be considered as a quadrature oscillator.

Eliminating the polyphase filter’s input buffer has severe cor
sequences on the VCO performance. Two main effects can
distinguished when analyzing the circuit: the capacitive and tl
resistive loading of the VCO by thRC network. The capaci-
tive load determines the oscillation frequency and can easily
taken into account in the design of the VCO as being part of ti
fixed capacitance. The resistive load negatively affects the lo
gain of the VCO and therefore degrades the phase noise.
taking this effect into account, the nonbuffered VCO_pOlypha‘ -112.20&09 1.6le+09 1.7oé+os 1.75E+09 1.80E+09 1.35E+os 1.90E+09 1.95E+09 2.00E+09
combination achieves a phase noise that is only a few decib [H7]
higher than that of the stand-alone VCO. The schematic of the
VCO and the directly driven polyphase filter is given by omitF]i(glé?- Tr?immrite? tphharse U(;isre ?rt] ?ﬁo kle VﬁfSUSf_flfte?l_lenCBr/wfct" ggeégm;/alues
ting the source follower in Fig. 7. The cascode transistors Erﬂasé o e vt the |ar;e2tc’r£i§ffﬁ'rsf_ 15 constanEolibes
the output buffer of the polyphase filter select either the up- or
downconverter.

The input impedance of the polyphase filter can be simulatét$tors in the polyphase filter is 500. In the case where an
or calculated. For a given frequency, this series circuit can Bgwut buffer/source follower is used, the value of the magnitude
transformed to an equivalent parallel load. The resulting equit the input impedance is important. However, in the directly
alent parasitic capacitance can be considered as a part ofdHgen version, it is not the magnitude of the impedance that is
fixed LC-tank capacitance. This can be taken into account ifiportant. Only the real part of the impedance has an effect on
the design. The equivalent load resistor has an important effét¢ phase-noise performance. This results in a different perfor-
on the phase-noise performance. Small resistor values conéiince depending on how the resistor values are divided over
erab'y degrade the phase_noise performance_ The Opt|m|zaﬁ6ﬂ network. If the |argeSt resistor values are at the input of the
of the high-frequency polyphase filter as a buffered sub-circiiplyphase filter, the real part of the impedance will be the largest
leads to small resistor values in tRE€ network (in [15] values and the imaginary part the smalleBGproduct constant). This
of 25 to 35 are used for a 2-GHz circuit). Such low resistofesults in a better phase-noise performance. Fig. 8 illustrates this
values can not be allowed in the directly driven topology. idea. It shows the simulated phase-noise performance for several

The VCO's output signal amplitude is no longer restricted t@sistor values. The second resistor is designed td50nus
the source follower’s input swing. The gain in the polyphad&e first resistork1.
filter can be lowered to get the same signal at the mixers input.The figure clearly shows what has been explained in this para-
This involves that a lower power consumption in the outp@aph. The phase-noise performance is better when the first
buffers (1 mA) and larger resistors in tiRC network can be resistor is the largest. It can be considered as a kind of pas-
used. sive buffer. In the practical design, the value of resistor is lim-

In the global transceiver design, the maximum load that hided by two factors: first. the amplification or signal loss in the
to be driven by the polyphase filter is limited as the polyphag¥lyphase filter, and second, the additional noise generated by
filter's resistor values are inversely proportional to the capadhe resistors.
tive load that has to be driven. By reducing the load (i.e., the Fig. 8 also shows a frequency shift between the different sim-
mixer transistors!), the resistor values in the filter can be enlations. This can be understood from the smaller capacitance
larged, which is beneficial for the VCO'’s performance. Howwhen raising the resistor value. This means that when the first
ever, making the load by the mixer transistors small reducessistor value is taken large, the additional (fixed) capacitive
the transconductance gain in the mixers and consequently gd for the oscillator is reduced, which is favorable for both
ditional amplification is required in the pre-amplifier. A secondhe achievable oscillation frequency and the tuning range.
limitation in the downscaling of the load is the matching perfor- A 2-pF coupling capacitance has been used between the VCO
mance of the mixers. The mixer transistors have been dimemd the polyphase filter to guarantee independent dc operation.
sioned to achieve better than 30-dB matching. Increasing thig. 9 gives the equivalent parallel resistor and capacitor values
width improves the matching suppression and signal amplituder a 400£2/220-fF first stage as a function of the coupling ca-
yet requires smaller resistors in the polyphase circuit, degradipgcitor value. The smaller the coupling capacitance the better
the VCO'’s phase noise. The transistor dimensions have beka values for a good phase-noise performance. However, the
optimized to achieve an optimal DCS-1800 transmitter perfovalue is again limited by the overall gain in the polyphase filter.
mance, including the VCO phase noise, mirror suppression, dhthe capacitor is too small, the total impedance becomes large,
the total power consumption. resulting in a considerable signal loss. Therefore, also the mag-

The implemented VCO has been simulated directly drivingitude of the impedance value by the capacitor is added to the
a two-stage polyphase filter. In this design, the sum of the rigure. From this discussion, it has become clear that an optimal

simulated phasenoise( R2 = 5000hm - R1)

[dB]
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[Chm] Equivalent Load Resistor Rp (5] Ecuivalent load capacitance Cp [Ohm] Coupling Capacitance impedance @1.8GH
7000 25613 1000
W — ]
6000 —_—
134 &0 _— e —— -
5000 _— — — 0 _ 0 — — -
4000 B 15613 600 —_—— — ——
500 N
00 7 16813 ] 40 ———— ———
2000 - 300 —_ e —
A& B - ]
1000 - 4
100 4—— -
0 v 0 : . 0 r + v -
QB0 1E12 2B12 3E12 4E12 QB0 1E12 2E12 3E12 4E12 00 1B12 2EB12 3B12 4612 5E1)
Coupling Capacitance [F} Coupiing Capacitance [ coupling capacitance (A

Fig. 9. Effect of the coupling capacitor on the effective parallel resistor and capacitor. The absolute impedance by the capacitor at 1.8 Gldwis éi&bsh
400 Q; C1 = 220 fF).

capacitor value can be taken as a function of the phase-noise 55
performance and the overall gain.

The previous section has made clear that by designing a
system as one entity, the power consuming buffers can be
avoided. The quadrature oscillator, mixers, and pre-amplifier
have been optimized as one building block, trading off output
signal and VCO phase noise against global power consump-
tion. The quadrature VCO has been designed to meet the DCS
specifications, including a minimized phase-noise degradation
due to the polyphase network.

The different design parameters of the traditional building
blocks become closely linked. The transistor size of the linear
nonswitching mixers is, e.g., a trade-off between modulated RF
signal power, matching performance, the quadrature VCO di- » _ _
mensions and phase noise, the amplification in the next stage, 176 178 18 T2 T Tee 183 T3
the bandwidth and the global power consumption. Frequency (GHz)

Conversion Gain (dB)

Fig. 10. Conversion gain in the DCS-1800 band.
V. EXPERIMENTAL RESULTS AT2 V

In this section, the measurement results of the integrated
transceiver circuit are discussed.

The conversion gain is measured by supplying the IC with
a —50 dBm RF signal which is swept over the DCS-1800 re-
ceive band. Each time, the local oscillator frequency is adjusted
to track the RF signal with a frequency offset of 10 kHz. The
conversion gain of thd-channel at maximum VGA gain is
shown in Fig. 10. The gain increases from 54.3 dB at 1.8 GHz
to 54.5 dB at 1.83 GHz, and decreases down to 53.3 dB at
1.88 GHz. The steeper roll-off at higher frequencies and the
somewhat flatter onset of the gain curve is a direct consequence ; ;
of the pole on the switch node of the downconversion mixer 05 1
shaping the second-order roll-off of the LNA-tank. Note that
the gain of the complete low-IF receiver, i.e., the gain from theg. 11. Input reflection coefficient¥;1 ).
RF signal toward the low-frequendy+ j @ vector signal, is an-
other 3 dB higher and therefore equals 57.5 dB. The LO leakage is measured by connecting the RF input

The input reflection coefficient of the receive path is showterminal to the spectrum analyzer and subtracting 3 dB from
in Fig. 11. The commonly accepted antenna filter terminatidhe measured power to take into account the loss of the antenna
requirement of~10 dB is met between 1.65 and 2.1 GHz. Thélter. The net LO leakage toward the antenna is less than
S11 is even better than 11.5 dB between 1.72 and 1.97 GHz.—63 dBm in the DCS-1800 band. The DCS specification only

Input Reflection Coefficient (dB}

1.5 2 25 3
Frequency (GHz)
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Fig. 12. Measured spot noise figure versus frequency offset from the LO.

requires the LO leakage to be less thad7 dBm (see the
Appendix).

To measure the noise performance of the receive path§a 50-
noise source is applied to the input. The differential output of
a single channel is connected to a differential instrumentation _1olu
amplifier to convert the output noise into a single-ended signal.
In this way, the noise figure of a single path can be measured.
The noise figure of the complete low-IF receiver can then be
calculated by subtracting 3 dB from the single channel noise
figure. After all, the conversion gain of the complete quadrature
receiver is two times larger than the conversion gain of a single
path. And, on the other hand, it can be shown that the integrated
output noise of the quadrature receiver is identical to the mea-
sured output noise of a single path. This is true as well for the

Fig. 13. Image suppression (IMRR) at 200-kHz offset from the LO.

D '."" ey

1-Channel (dBm in 30 kHz, single-ended)

noise contribution of the mixers and the VGA circuits as for the -70r- "‘u,‘u;,‘v '; thy r‘i
. ) LA,
noise coming from the source and from the LNA. Consequently, P o 'anw‘f;v?;‘J’%
the quadrature low-IF output features a 3-dB improvement in the : 5 " b
signal-to-noise ratio (SNR) compared to the output of a single -90 : ' : ‘ '
. . . ) 0 100 200 300 400 500 600
low-1F path. And, since the SNR at the input is the same in both Frequency (kHz)

cases, the noise figure improves by 3 dB.

Fig. 12 shows the spot noise figure of the receiver at 1.8 G}E"g;. 14.  Spectrum of a-50-dBm GMSK signal after downconversion to the

. . . 100-kHz IF. The VGA control bits are swept to select all gain levels.

versus frequency offset from the carrier. The total noise figure
of the complete low-IF receive path-¢ j(?), i.e., resulting from
integration of the output noise in the 200-kHz positive frequendyhe IMRR is accurately measured using the HP89410A vector
band around the 100-kHz IF, is 6.2 dB. The largest part, 3.9 d8gnal analyzer. As shown in Fig. 13, the worst-case IMRR
is caused by white noise. The remaining 2.4 dB is caused isy32.2 dB at 200-kHz offset from the carrier. The IMRR is
low-frequencyl / f noise. The white noise arid f noise contri- measured at 200 kHz because it is precisely at this frequency
butions are indicated by the dashed lines in Fig. 12. With a noifat the tail of the largest adjacent channel—i.e., the channel
figure of 6.2 dB, signals at the DCS-1800 reference sensitivia¢ 400-kHz offset from the wanted signal—interferes with
level of —100 dBm can be detected with an SNR of 11 dB, whicthhe wanted signal. As derived in the Appendix an IMRR of
is 2 dB better than the 9-dB SNR required by the DCS-18@2 dB sufficiently suppresses this tail. The measured IMRR
specification (see the Appendix). Compared to the noise figus&32.2 dB is very close to the measured image suppression in
at 1.8 GHz, the noise figure at 1.88 GHz is hardly 1 dB largehe transmit path (33 dB), which indicates that the limitation
In [16], a higher noise figure value of 8.2 dB is stated becaustems from the accuracy of the common quadrature VCO. The
only the influence of the image rejection on the LNA noise hadIRR value of 32.2 dB corresponds to an amplitude accuracy
been taken into account. of 0.3 dB and a phase accuracy of2.1

The image rejection ratio (IMRR) of a receiver is determined The measured WBPand 7/ P, values of the receive path are
by the amplitude and phase accuracy of the quadrature loedd and+26 dBm, respectively, and are independent of the
oscillator and by the circuit mismatch between thend @ VGA gain setting. The output capability of a single channel is
paths. Since circuit mismatch increases with decreasing arabput+14.8 dBm, i.e., 3.4/, while the in-channel input ca-
the worst-case IMRR occurs at maximum VGA gain, i.e., whgpability ranges from-38 dBm at maximum gain te 20.4 dBm
the “activated” area of thRCtransimpedance bank is minimal.at minimum gain. Note that the measured intercept point values
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-12 / / \\ Frequency
»0 //’ \\\ Fig. 19. TX output spectrum with a 45-kHz single-tone LF input.
/! AN | |
order to select all the gain levels. The resulting low-frequency
§ -40 ' GMSK signal is shown in Fig. 14. All measurements are per-
50 // \\ formed with a resolution bandwidth of 30 kHz, the value that is
// \\\ generally used in the DCS-1800 specifications.
©0 S To measure the PLL frequency synthesizer, an HP signal gen-
70 erator is used as the 26-MHz reference frequency source. Its
- Center : 1.8GHz; 100kHz/div ; RBW 30kHz low-frequency stability is worse than that of a crystal oscil-
Frequency lator, resulting in a slightly higher in-band phase noise for the
PLL. The phase-noise spectrumis plotted in Fig. 15. The phase-
Fig. 17. ETSI DCS-1800 mask compared to GMSK TX output. noise measurement at offsets higher than 5 MHz is not accurate

due to the delay line of the dedicated phase-noise measurement

apply to the complete receive path. If the LNA would be bysystem. The measured phase noise is as lowl®5.8 dBc/Hz
passed, which is typically the case when the power of the wan&d600-kHz offset and-143.7 dBc/Hz at 3 MHz offset, ex-
signal is high, the intercept points and the input capability inteeding the DCS-1800 specs with almost 10 dB (see the Ap-
mediately improve by about 18 dB. pendix). The in-band phase noise is measured to be less than

At the highest VGA gain, the dc offset due to LO self-mixing-81 dBc/Hz. The settling behavior of the PLL is shown in
and static mismatch is measured to be 1.1 V. As long as the AHly. 16. When synthesizing a 104-MHz step (four prescaler
converters are not overloaded, the dc offset can be accountedhfimduli), the PLL settles to a 100-Hz accuracy in 226 This
by putting half a bit extra in the A/D converter. is faster than half a DCS-1800 time slot, which means that the

To demonstrate how the low-IF receiver is used in practicBLL meets both the generic and high-speed settling specifica-
a 1.84-GHz,—50 dBm PN9 Gaussian minimum shift keyingion (see the Appendix). The spurious suppression is measured
(GMSK) signal is applied to the input of the receiver and dowre be better thar-84 dBc. The actual spur level is lower than the
converted to the 100-kHz IF. The VGA control bits are swept inoise level of the spectrum analyzer and could therefore not be
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Fig. 20. Chip microphotograph.

measured. The tuning range of the PLL is 10.5%, which corre- TABLE Ii
sponds to eight prescaler moduli. The power consumption of the TRANSCEIVERMEASUREMENTS
PLL is 70 mW from a 2-V power supply. The fully integrated Low_IF RX PLL Direct Upconv. TX
low-phase-noise VCO is responsible for almost 70% of the totNF 6.2 dB Tuning [10.5% Output  |-13 dBm
power consumption. The rather high VCO power consumptic White 3.9 dB Power
is due to the excellent phase-noi_se performance and not duslMRR é/{ 3 dB2'4dB Settfing (226 s for Mior 133 dBe
the extra load of the polyphase filter. (2dB-0.3° |Time  |104 MHz step _ [Suppr.

Fig. 17 shows the TX output signal. The GMSK outpuiGain  |54.5 dB Phase  |-125.8 dBc/Hz |LO 38 dBc
spectrum at 1.8 GHz, measured at 30-kHz RBW, is compart Noise  |@600kHz __ [Feedthr.
to the European Telecommunication Standard Institute (ETS™ > 70298 T B/t
DCS-1800 requirement mask [17]. Fig. 18 has been addedto <63 dBm Spurious |-84 dBc GMSK  |ETSI
show that the noise and the spurious at a larger distante3( Leakage Suppr. Mask
MHz) from the carrier (measured with a 100-kHz RBW ag™over 113 mW Power Z_g r;\x buffer Power  82mW

required by ETSI) are also achieving the ETSI specifications:
The measured noise floor is in fact limited by the noise of the

baseband quadrature generator. Fig. 19 shows a 45-kHz singl&ver amplifier, an antenna filter, and a reference crystal are re-
tone output spectrum at 1.8 GHz. The mirror suppressiondsired to build the complete analog part of a DCS-1800 system.
better than—33 dBc and the LO feedthrough and all spurious Al building blocks feature circuit topologies that have been
distortion components are below38 dBc. The measured specially designed to operate comfortably at 2 V, despite the rel-
output power is—13 dBm in a nonideal 50} load, i.e., in- atively high threshold voltages (nMO&: of 0.65 V and pMOS
cluding board parasitics, connectors, cables, etc. The differenceof 0.75 V). This includes the design of a new CMOS folding
between the simulated O dBm and the measu@8 dBm is  downconversion mixer topology and a new low-voltage current
believed to be caused by a larger on-chip parasitic capacitamggfer in the fully-differential-to-single-ended upconverter. To
value and by not calibrating out the measurement setup.  the author’s knowledge, this is the lowest voltage CMOS RF
Even with the smaller output signal, the DCS-1800 noise af@nt-end published to date. The transceiver IC demonstrates
distortion specifications are met in this chip. the capability of achieving the analog performance that is re-
A chip microphotograph of the 15.4 nfntransceiver IC quired for the class I/l DCS-1800 cellular system in a standard
is shown in Fig. 20.The complete circuit at transistor level i3-Metal 0.25xm CMOS process, without the use of extra-thick
shown in Fig. 21. The total power consumption of the 2-Yhetal layers (M1: 0.6:m, M2: 1.0zm).
0.251:m CMOS transceiver chip is 191 mW (1430+-8) in
receive mode and 160 mW (820+8) in transmit mode. The
experimental results of the transceiver at 2 V are summarized
in Table 111.

APPENDIX
DCS-1800 BECIFICATIONS

A. Noise Figure Requirement [ETS(I) 300 910, GSM 05.05
v.5.4.1 p. 25, 6.2]

The reference sensitivity level of a class I/ll DCS-1800
A 2-V cellular transceiver front-end integrates a receive pathobile station lies at-100 dBm, measured at the output of the
and a transmit path with a complet@-chipPLL on a single antenna. In the absence of other signals, this signal must be
CMOS die, including the loop filter and theC tank. Only a detectable with an SNR of 9 dB. So the equivalent input noise

VI. CONCLUSION
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Fig. 21. Topology of the complete transceiver.

power at the antenna input must be lower thah09 dBm.

B. Image Rejection Requirement [ETS(I) 300 577, GSM 05.05

The contribution of 532 noise power can be calculated a$.5.4.1 p. 26, 6.3]

—173.87 dBm+53 dB (integration over the 200-kHz GMSK  1he IMRR specification for the low-

bandwidth), and is equal te-120.87 dBm. The noise figure
required at the antenna output is

—109 dBm — (—120.87 dBm) = 11.87 dB.

IF receiver is set by the
adjacent channel interference owing to the channel at 400-kHz
offset from the wanted signal. This channel will, after down-
conversion, become centered around 300 kHz, 200 kHz above
the 100-kHz IF. At 200 kHz, the tail of this adjacent channel di-
rectly interferes with the wanted signal and must be suppressed
by ensuring a high enough image suppression. The ETSI spec-

Since the attenuation of the succeeding antenna filter is 3 dfsation requires that the reference interference performance

the noise figure requirement for the receive path becomes

11.87dB — 3 dB = 8.87 dB.

must be met when the adjacent interferer at 400 kHz is 41 dB
larger than the wanted signal. Since the bit error rate (BER) is,
by construction, preserved when tlneremovableail of the ad-
jacent channel at 200-kHz offset from the wanted signal is in-
terfering with the wanted signal, while its power is 9 dB higher



1906 IEEE JOURNAL OF SOLID-STATE CIRCUITS, VOL. 35, NO. 12, DECEMBER 2000

than the wanted signal, the required image rejection for the gl- 600 kHz:
jacent channel at 400-kHz offset from the wanted signal is L{600 kHz} = (—100 dBm) + 3 dB

=—116 dBc/Hz
The requirements for the adjacent channel at 200 kHz, whig\t@ 3 MHz:
is directly superimposed onto the wanted signal, are less strin-_

gent; The reference interference performance must be met wher(:{3 MHz} = (~100 dBm) + 3 dB

this channel is only 9 dB larger than the wanted signal, and must — (—26 dBm) — 9 dB — 10.10og(200 kHz)

only be suppressed to the level equal to the co-channel interfer- =133 dBc/Hz (3)

ence specification{9 dB), requiring only 18-dB mirror signal

suppression. Assuming that the phase noise of a frequency synthesizer has a

-20 dB/dec roll-off for the critical offset frequencies, the phase-
C. Spurious Emission [ETS(I) 300 577, GSM 05.05 v.5.4.11noise specification at 3 MHz can be calculated to be the most
p. 19, 4.3.3] stringent.

The spurious power emissions can not be higher thdi

dBm (20 nW) between 1-12.75 GHz. F. In-band Phase-Noise Requirements

The in-band phase-noise requirement originates from un-
D. Intermodulation Requirement [ETS(I) 300 577, GSM 05.08anted mixing of the phase-noise spectrum by the desired

v.5.4.1 p. 18, 5.3] signal itself. The SNR after downconversion must be at least
A GMSK signal 3 dB above the reference sensitivit 0 dB.. Numerlpgl cpnvoluuop has been applied tp det.ermlne
(=100 dBm + 3 dB = —97 dBm) must still be detectable .he noise specification for this frequency synthesizer, i.e., the

with an SNR of 9 dB in the presence of-a9 dBm static sine in-band phase noise must be less tha&80 dBc/Hz integrated

and a—49 dBm GMSK signal. Since the nominal loss of th@Ver @ bandwidth equal to the channel width.
RF filter is 3 dB, the two interferers that occur at the input o . . .
the receiver are both-52 dBm. The GMSK interferer that is & Spurious Suppression [ETS(1) 300 910, GSM 05.0.5 version

generated due to third-order intermodulation can under theSS'éL1 p.225.1andp.256.2]

conditions not be larger than an equivalent input signal with A spur can be seen as a LO signal for a possible blocking

the following power: signal, which is maximally-26 dBm. Under these conditions,
a —97 dBm wanted signal (reference sensitivity of 100 dBm
—97dBm—-3dB—9dB = —-109 dBm. +3 dB) must be detectable with an SNR of 9 dB, resulting in a

spurious specification 0£80 dBc.
The required IIR to meet this specification is thus (= P, —

IM3/2): —97 dBm— 9 dB — (—26 dBm) = —80 dBc

—49dBm— 3 dB 4 (—49 dBm— 3 dB — (—109 dBm))/2
— _923.5dBm. H. Settling Requirements

The settling requirement is determined by the high-level
system requirements for DCS-1800. The PLL must be able
E. Out-band Phase-Noise Requirements [ETS(I) 300 910, to switch between RX and TX paths in one and a half time
GSM 05.05V. 5.4.1 p. 22,5.2 & p. 25,6.2] slot. A DCS-1800 time slot is 57/&s, setting the settling spec
The phase-noise requirement of the frequency synthesi#@865 s. For the high-speed data communication service of
originates from the downconversion of unwanted signals B3CS-1800, the specification is more severe: only half a time
the carrier's phase noise onto the desired signal, corruptigigt or 288us.
the SNR. The most critical unwanted signals that can be ) ) _
downconverted onto the desired signal are the adjacent charlnepPectrum Due to Modulation and Wideband Noise: [ETS(I)
at 400 kHz, which can be 41 dB larger than the wanted signdP0 910, GSM 05.05v.5.4.1, p. 33, Figure A.3: DCS 1800 MS
the —43 dBm blocking signal at 600 kHz, and the26 dBm SPectrum Due to Modulation]
blocking signal at 3 MHz. The channel width is 200 kHz. The The required GMSK output spectrum of the transmitter is de-
reference sensitivity level is 100 dBm, but the blocking levels fined in this specification. It has been graphically represented in
are defined for “a useful signal at frequengy 3 dB above the the measurement section to compare it with the measured output
reference sensitivity level.” In order to obtain a SNR of 9 dBpectrum.
after downconversion for further signal processing, the phase

noise needs to be lower than REFERENCES

At 400 kHz - [1] D. K. Shaefferand T. H. Lee, “A 1.5-V 1.5-GHz CMOS low-noise am-

At 400 kKHz : plifier,” IEEE J. Solid-State Circuitsol. 32, pp. 745759, May 1997.
L{400 kHZ} —_41dB-9dB - 10. 10g(200 kHZ) [2] J. Janssens and M. Steyaert, “Optimum MOS power matching by ex-

ploiting the nonguasi static effectlEE Electron. Lett. vol. 35, no. 8,
=—103 dBc/Hz pp. 672-673, 1999.



STEYAERT et al: 2-V CMOS CELLULAR TRANSCEIVER FRONT-END 1907

Johan JanssengS’'90) was born in Aalst, Belgium,
in 1972. He received the M.Sc. degree in electrical
engineering in 1995 from the Katholieke Universiteit
Leuven, Belgium.

Since 1995, he has been a Research Assistant at the
ESAT-MICAS Laboratories of the Katholieke Uni-
versiteit Leuven, where he is currently working to-
ward the Ph.D. degree on the design of sub-micron
CMOS RF receiver front-ends. His research interests
are in high-performance analog integrated circuits for
telecommunications.

[3] J.Janssens and M. Steyaert, “MOS noise performance under impeda
matching constraints Electron. Lett, vol. 35, no. 15, pp. 1278-1280,
1999.

[4] T. Riley, M. Copeland, and T. Kwasniewski, “Delta—sigma modulatior
in fractional<V frequency synthesis/EEE J. Solid-State Circuitwol.
28, May 1993.

[5] J. Yuan and C. Svensson, “New single-clock CMOS latches and flij
flops with improved speed and power savindgEE J. Solid-State Cir-
cuits vol. 32, pp. 62—69, Jan. 1997.

[6] J. Craninckx and M. Steyaert, “A 1.75-GHz/3-V dual modulus di
vide-by-128/129 prescaler in 0/m CMOS,” IEEE J. Solid-State
Circuits, vol. 31, pp. 890-897, July 1996.

[7] F. M. GardnerPhaselock Techniques New York: Wiley, 1979.

[8] D. Mijuskovic and Bayeket al,, “Cell-based fully integrated CMOS fre-
quency synthesizerslEEE J. Solid-State Circuitsvol. 29, pp. 271-279,

Mar. 1994. , .
, . . Bram De Muer (S'00) was born in Sint-Amands-
[9] The Mathworks Inc.Matlab User’s Guide, Version,8997. berg, Belgium, in 1973. He received the M.Sc. degree

[10] Analogy, Saber User Manuall996. in electrical engineering in 1 from the Katholiek

[11] B. De Muer, N. Itoh, M. Borremans, and M. Steyaert, “A 1.8-GHz Uneivi?'tsitce?t iegveene Bglgiun?g\?vh:re Leeis ?urcr)eﬁtlye/
highly tunable low-phase-noise CMOS VCO,” in Proc. IEEE Custon working toward the Ph.D. de(i;ree on high-frequency
Integrated Circuits Conference (CICC 00), to be published. low-noise integrated frequency synthesizers.

[12] B. De Muer, C. De Ranter, J. Crols, and M. Steyaert, “A simulator-of He has been a Research Assistant with
timizer for the design of low-phase-noise CMQ@§&-oscillators,” pre- ESAT-MICAS Laboratories, Katholieke Universiteit

sented at the ICECS, Sept. 1999. Leuven, since 1996. His main research interests are
[13] M. Borremans and M. Steyaert, “A 2-V low-power single-ended 1-GH in the area of integrated RF circuits for telecommu-

CMOS direct up-conversion mixerJ. Solid State Circuitsvol. 33, pp. nications.
359-366, Mar. 1998.

[14] M. Pelgromet al, “Matching properties of MOS transistordEEE J.
Solid-State Circuitsvol. 24, pp. 1433-1439, May 1989.

[15] M. Steyaertet al, “A single-chip CMOS transceiver for DCS-1800
wireless communications,” it8SCC Dig. Tech. Papereb. 1998, pp.
48-49.

[16] M. Steyaert, J. Janssens, B. De Muer, M. Borremans, and N. Itoh, “A 2-
CMOS cellular transceiver front-end,” iAroc. 2000 IEEE Int. Solid-
State Circuits Conf.San Francisco, CA, Feb. 2000, pp. 142-143.

[17] “Digital cellular telecommunications system (Phasg); Radio trans-
mission and reception,” ETS(I), 300 910 (GSM 05.05 version 5.4.1).

[18] J.Crols and M. Steyae&MOS Wireless Transceiver DesignBoston,
MA: Kluwer, 1997.

Marc Borremans (S’00) was born in Asse, Belgium,
on August 15, 1971. He received the M.Sc. degree
in electrical engineering in 1995 from the Katholieke
Universiteit Leuven, Belgium, where he is working
toward the Ph.D. degree in the area of CMOS RF de-
sign.

Currently he is a Research Assistant at the
ESAT-MICAS Laboratory at the Katholieke Uni-
versiteit Leuven. His main research topics are in
the area of single-chip full CMOS transmitters
for wireless communications, wide-band RF cable
Michel S. J. Steyaert(SM’92) was born in Aalst, transmitters, and high-performance D/A converters.

Belgium, in 1959. He received the Masters degree in
electrical-mechanical engineering and the Ph.D. de-
gree in electronics from the Katholieke Universiteit
Leuven (K.U.Leuven), Heverlee, Belgium, in 1983
and 1987, respectively.

From 1983 to 1986, he received an IWONL fel- _ ’ ’ ) ) )
lowship (Belgian National Foundation for Industrial Nobuyuki Itoh (M'99-A'99) was born in Tokyo, Japan, in 1960. He received

Research) which allowed him to work as a ResearcHe B.S. and M.S. degrees in chemistry from the Science University of Tokyo,

\ Assistant at the Laboratory ESAT at K.U. Leuven.Tokyo, Japan, in 1983 and 1985 respectively.
' In 1987, he was responsible for several industrial N 1985, he joined the Research and Development Center, Toshiba Corpora-
projects in the field of analog micropower circuits at the Laboratory ESAT 4i9n, Kawasaki, Japan, where he was engaged in the research and development
an IWONL Project Researcher. In 1988, he was a Visiting Assistant Profes§CMOS device technologies for advanced CMOS gate arrays. From 1986 to
at the University of California, Los Angeles. In 1989, he was appointed by t#&93, he was involved in the research and development of bipolar device tech-
National Fund of Scientific Research, Belgium, as Research Associate, in 199400y and bipolar circuit design for high-speed gate arrays, high-speed logic,
as a Senior Research Associate and in 1996 as a Research Director at the #3g-high-frequency analog circuits in the ULSI Research Center. Since 1994,
oratory ESAT, K.U. Leuven. Between 1989 and 1996, he was also a part-tifighas been involved in the research and development of high-frequency CMOS
Associate Professor, and since 1997 he has become an Associate Professafai®d circuits. He was Visiting Scientist at the Katholieke Universiteit Leuven,
the K.U. Leuven. His current research interests are in high-performance &r@AT-MICAS, Leuven, Belgium, from 1996 to 1998. He has worked on de-
high-frequency analog integrated circuits for telecommunication systems &@n of on-chip spiral inductor VCOs and PLLs at the Katholieke Universiteit
analog signal processing. Leuven. Since 1998, he has been engaged in the research and development of

Dr. Steyaert received the 1990 European Solid-State Circuits Conferetégh-frequency analog circuits at the Semiconductor Division, Toshiba Corpo-
Best Paper Award, the 1995 and 1997 ISSCC Evening Session Award, falon. His current research interests are in high-frequency CMOS integrated
1999 IEEE Circuit and Systems Society Guillemin—Cauer Award, and ti§&cuits for telecommunications.
1991 NFWO Alcatel-Bell-Telephone Award for innovative work in integrated Mr. Itoh is a member of the Institute of Electronics and Communication En-
circuits for telecommunications. gineers of Japan.




