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ABSTRACT The voltage rating of the commercial Gallium Nitride (GaN) power devices are limited to

600/650 V due to the lateral structure. Stacking the low-voltage rating devices is a straightforward approach

to block higher dc link voltage. However, the unbalanced voltage sharing can occur due to the discrepancies

in the gate driving loops, the device parameter tolerance and the device-to-ground displacement currents for

the series-connected devices in the stack. The voltage imbalance may cause the over-voltage breakdown,

in particular for GaN devices, which do not have the avalanche breakdown mechanism. In this article,

a novel controllable current source gate driver is proposed, which addresses the voltage imbalance issue

of series-connected GaN HEMTs for both hard switching and soft switching scenarios. The proposed

current source gate driver controls the device switching timing and the dv/dt with fine accuracy by directly

regulating the device gate current. Without the employment of the lossy snubber circuit or the external Miller

capacitor, the switching energy and the switching speed are almost not compromised for each individual

device. Meanwhile, the current mirror circuits are utilized as the discontinuous pulsed current sources, which

produce negligible additional gate driving loss. A series-connected GaN-based multiple pulse tester is built

to validate the proposed current source gate driver and the voltage balancing strategies. It is demonstrated

that the drain-to-source voltage difference of the series-connected GaN devices is below 10% for different

load current and different switching speed (dv/dt) conditions. Moreover, it is found that the series-connected

GaN solution can save 33.6% switching energy compared with the benchmark SiC solution under the same

operating condition.

INDEX TERMS Gallium nitride, HEMTs, stacking, current control, driver circuits, parasitic capacitance,

switching loss.

I. INTRODUCTION

Medium voltage (MV) dc is considered an enabling and

promising technique in future power distribution grid, micro-

grids, shipboard power system, offshore wind farms, high-

power drive systems and electric vehicle (EV) charging sta-

tions [1]–[5]. In MV dc systems, Silicon Carbide (SiC) de-

vices are gradually replacing Si-IGBTs due to the much re-

duced switching energy and the high operating temperature

capabilities. However, the reverse recovery loss of the intrin-

sic body diode of the SiC devices is still inevitable. Though

external SiC Schottky diode can be paralleled with the SiC

MOSFETs to cut down the reverse recovery loss, the costs will

be increased.

Gallium Nitride (GaN) power devices offer low specific on-

state resistance, fast switching speed and high operating tem-

perature capabilities compared with Silicon (Si) counterpart.

All of these are beneficial for the efficiency, power density,

specific power, as well as the reliability of power electronics

converters [6]. Though Silicon Carbide (SiC) excels in high-

temperature applications, the material characteristics of GaN
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TABLE 1. Critical Parameters of a 1.2 kV/30 a SiC MOSFET and Two
Series-Connected 600 V/30 a GaN HEMTs

are superior in high-efficiency, high-frequency converters [7].

In particular, due to the absence of the intrinsic body diode

in the structure, the reverse recovery loss in GaN devices

are totally eliminated. Therefore, GaN devices will produce

less switching energy. Meanwhile, GaN devices have much

smaller input capacitance compared with SiC devices, so the

gate driving loss can be reduced as well.

However, not like the SiC devices, which have the avail-

ability of 1.7 kV rating device on the market and 15 kV rating

device in the research stage [8], [9]. The highest voltage rating

of the commercial GaN HEMTs is only at 600/650 V level

because of the lateral structure. The vertical GaN devices are

considered to have higher voltage rating [10], but they have

not yet been produced on a commercial level. The insufficient

voltage rating of GaN HEMTs hinders their appliance in the

MV dc systems.

Stacking converters and stacking switches are the two most

common approaches to block higher dc link voltage. The cas-

caded H-bridges and multilevel converters can be categorized

as the stacking converter solution. The advantages of this

solution include lower dv/dt, lower EMI and lower output

harmonics [11]. However, the complexity of the hardware

structure as well as the control scheme are greatly increased

for this solution. Stacking switches is much simpler in terms

of both the hardware structure and the control scheme. The

two series-connected 600/650 V GaN HEMTs can compete

with the 1.2 kV SiC MOSFET and the three series-connected

600/650 V GaN HEMTs can compete with the 1.7 kV SiC

MOSFET. The critical parameters of a 1.2 kV SiC MOSFET and

two series-connected 600 V GaN HEMTs with similar current

rating are listed in Table 1. Though the equivalent Rdson of

series-connected GaN is higher than the Rdson of a single SiC

MOSFET, the reverse recovery charge is completely eradicated

for the series-connected GaN solution. The output capacitance

and the gate charge are reduced significantly for the series-

connected GaN solution as well. The deficiency of higher

equivalent Rdson for the series-connected GaN solution can

be compensated by increasing the die size or paralleling the

devices. Meanwhile, for the general hard switching MV ap-

plications, the switching loss is typically more dominant [9].

The series-connected GaN solution can improve the system

efficiency compared with the SiC solution [5]. Moreover, cost

reduction of GaN devices will progress faster than for SiC

devices due to significant lower substrate costs and Si-CMOS

manufacturing line compatibility [12].

The biggest challenge for the series-connected device ap-

proach is to address the dynamic voltage sharing issue among

the switches in the stack, which can cause the over-voltage

breakdown for the individual low-voltage switch. It is more

challenging for the series-connected GaN solution, because

of the extremely fast switching speed and the highly nonlinear

Miller capacitance. Meanwhile, GaN devices are more vulner-

able to the over-voltage damage due to the lack of avalanche

breakdown mechanism [7]. The drain-to-source voltage im-

balance among the series-connected switches can be intro-

duced by the following factors. First, the gate driving loop

can have discrepancies for the switches in the stack. The gate

driving signals can be unsynchronized due to the variance

of the propagation delays in the path. The gate driving loop

parasitics can be different as well if the circuit connection

and layout are not the same for different channels. Second,

the device parameter tolerance can cause the unbalanced dy-

namic voltage sharing. The device input capacitance, output

capacitance and the threshold voltage are all within certain

range after the manufacturing process. The dynamic voltage

sharing can be affected by the tolerance of these parameters.

Last but not least, the displacement current flowing through

the device-to-ground parasitic capacitances will cause distinc-

tions in the gate current as well as in the drain current for

different switches in the stack. The distinctions in the gate

or drain current will naturally result in unbalanced voltage

sharing for different switches, even if the gate driving loops

and device parameters are perfectly matched. The last factor

is considered to be the major cause for the unbalanced voltage

sharing for the series-connected fast-switching switches [13]–

[15]. In particular, the GaN devices have very small input and

output capacitances, so the device-to-ground parasitic capac-

itances will have a stronger effect on the dynamic voltage

sharing for the series-connected GaN devices.

Some researchers have been working on the topic of series-

connected GaN devices. In [16], a 1.2 kV super-cascode GaN

transistor is demonstrated, which is based on two series-

connected depletion-mode GaN. The structure has the same

drawbacks as the typical cascode GaN, such as the undesired

voltage sharing between the low-voltage Si MOSFET and the

high-voltage depletion-mode GaN during the switching tran-

sient and large parasitic inductance in the package due to the

multiple dies [17]. Meanwhile, an extra balancing capacitor

is needed to assist the dynamic voltage sharing, which intro-

duces additional loss. In [12], a 1.2 kV GaN transistor is made

up by the series connection of an enhancement-mode GaN

transistor and a depletion-mode GaN transistor. A charge-

pump-based gate driver circuit is used to properly drive the

top device. However, the device parameter mismatch can be

severe for the two different type of GaN devices and no discus-

sion is made on the dynamic voltage sharing for the two de-

vices. An integrated gate driver circuit is proposed in [5], [18]

to solve the issue of voltage imbalance for series-connected
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enhancement-mode GaN devices and a detailed mathematical

model is developed as well. However, for this open-looped

method, the circuit parameters need to be carefully tuned to

achieve the desired switching timing for the series-connected

devices, which makes this method very sensitive to the vari-

ance in the operating conditions, such as load current, dc

link voltage and temperature. To sum, a practical strategy for

addressing the voltage imbalance issues in series-connected

GaN devices is lacked in the existing literatures.

However, a lot of efforts have been conducted for the volt-

age balancing of the series-connected IGBT in the past [19]–

[25]. In recent years, a lot of researchers began to focus

on the voltage balancing of series-connected SiC MOSFETs

as well [13], [14], [26]–[28]. Most of the voltage balancing

strategies can be grouped as the drain-side approach and the

gate-side approach [13]. The snubber-based strategies belong

to the drain-side approach. The pure passive snubber is usually

very lossy. To reduce the additional loss produced by the snub-

ber, the active energy recovery snubber circuits are proposed

in [22], [27] with the cost of increasing circuit complexity

and decreasing the circuit reliability. However, the device

drain-to-source voltage rising slew rate is penalized with the

employment of the snubber circuit. More switching energy

will be produced during the switching transients. For the

gate-side approach, the coupled gate driving method utilizes

a single gate driver to drive all the series-connected switches

in the stack [26], [29]–[32], in which the gate driving circuit

parameters including the extra voltage balancing components

need to be carefully tuned to achieve desired switching timing

for each individual switch. It makes this method less adaptive

to variable operating conditions. Hence, this method is not

suitable for mass production. The active gate driving control

is another main-stream strategy on the gate-side. In [14], [33],

the gate driving signals are actively controlled to attain the

desired switching timing for the series-connected switches.

The unit step in the controller needs to be very small (below

1 ns) to achieve the satisfying voltage balancing, which makes

the accuracy of this approach not reliable. In [13], a current

mirror is in series with a large extra Miller capacitor to serve

as a controllable extra Miller capacitor. The drain-to-source

dv/dt of each device can be regulated to achieve well-balanced

voltage sharing. However, this strategy is only suitable for

the devices with large input capacitance, such as high current

rating power modules and Si devices, in which the turn-off

dv/dt is mostly determined by the charging speed of the Miller

capacitance. For the discrete wide-band-gap (WBG) devices,

the input capacitance is significantly smaller. During the turn-

off transient, the input capacitance can be discharged below

the threshold before the drain-to-source voltage starts to rise

and no Miller plateau will be observed in the gate-to-source

voltage. In other words, during the dv/dt transient, the device

channel is already cut off and the device can be regarded as

a junction capacitor. The value of the extra Miller capacitor

needs to be dominant in the output capacitance (Coss = Cgd

+ Cds) in order to regulate the dv/dt properly. For discrete

GaN devices, the intrinsic Miller capacitance is extremely

small and it is significantly smaller than its drain-to-source

capacitance (Cds). The large extra Miller capacitor will greatly

slow down the dv/dt of the switch and more switching energy

will be produced during the switching transient. Meanwhile,

the large extra Miller capacitor will enhance the crosstalk

between the power loop and the gate driving loop. The gate

driving loop will be more sensitive to the dv/dt and ringings

in the power loop.

In this study, a controllable current-source-based gate driver

is proposed. The gate current is directly controlled, so the

device switching timing and dv/dt can be regulated with fine

accuracy. Regardless of the origin of the voltage imbalance,

the drain-to-source voltages of the switches in the stack can

always be roughly equalized for both soft switching and hard

switching scenarios. Meanwhile, without the employment of

the lossy snubber circuits or the extra Miller capacitor, the

switching energy and switching speed of the device are almost

not compromised. Moreover, the current mirror circuits are

utilized as the fast-responded discontinuous pulsed current

sources, so the extra gate driving loss is negligible. Sufficient

experiments have been conducted to validate the proposed

current source gate driver and the voltage balancing strategies

in a variety of operating conditions.

The rest of the article is organized as follows. Section II

discusses the root cause of the unbalanced voltage sharing

in different switching scenarios. The corresponding voltage

balancing strategies are presented in Section III. Section IV

introduces the operating principles and practical design con-

siderations of the proposed current source gate driver. Sec-

tion V demonstrates the experimental verification. Finally,

Section VI concludes this article.

II. ROOT CAUSE OF THE UNBALANCED VOLTAGE

SHARING IN DIFFERENT SWITCHING SCENARIOS

As mentioned in the introduction, the unbalanced voltage

sharing can be caused by: (1) the discrepancies in the

gate driving loops; (2) the device parameter tolerance; (3)

the device-to-ground displacement currents for the series-

connected devices in the stack.

For the discrepancies in the gate driving loops, it can be

alleviated by using symmetrical connection and circuit lay-

outs for the series-connected switches in the stack. For the

device parameter tolerance, it can be overcome by adding

small external gate-to-source/drain-to-source capacitors. For

the device-to-ground displacement current, however, it is hard

to be passively compensated, because the device-to-ground

parasitic capacitance is typically unknown. Therefore, the ac-

tive compensation mechanism should be employed. Basically,

the major task in this study is to actively compensate the volt-

age imbalance caused by the device-to-ground displacement

currents.

The effect of the device-to-ground parasitic capacitance on

the dynamic voltage sharing for the series-connected devices

have already been discussed in the previous studies [13], [14],

[34]–[38]. It is still necessary to make a summary of the effect
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FIGURE 1. (a) Device-to-ground displacement currents during the lower
arm switches ‘soft’ turn-off transient. (b) Device-to-ground displacement
currents during the lower arm switches ‘hard’ turn-on transient.

in different switching scenarios, because it is the precondition

of the proposed voltage balancing strategies.

A. SOFT SWITCHING SCENARIO

As is shown in Fig. 1, two GaN switches are series-connected

for both upper arm and lower arm in a phase-leg. The upper

arm switches (S1 and S2) are in the off-state and the lower

arm switches (S3 and S4) are actively controlled. The device

gate-to-ground parasitic capacitances are labeled as Cpara1,

Cpara2 and Cpara3 in the figure. Since there is almost no dv/dt

between the gate and ground for S4, very little displacement

current will be produced. The parasitic capacitance between

the gate and ground for S4 is not shown in the figure. In the

real system, the gate-to-ground parasitic capacitances consist

of the isolation capacitance of the isolated dc-dc power sup-

plies, the isolation capacitance for the isolated gate drivers

and the device gate to heat sink parasitic capacitance (if the

heat sink is grounded). The device drain-to-ground parasitic

capacitances are labeled as Cpara4, Cpara5 and Cpara6 in the

figure. Similarly, since there is no dv/dt between the drain

and ground for S1, no displacement current will be produced.

The parasitic capacitance between the drain and ground for

S1 is not shown in the figure as well. In the real system,

the major drain-to-ground parasitic capacitance comes from

the PCB interlayer capacitance for the discrete devices. For

the fast-switching GaN-based power converters, the flux-

cancellation PCB layout techniques are usually employed to

reduce the power loop parasitic inductance. To achieve the

flux-cancellation between the switching nodes and the power

ground, they are normally placed in the two adjacent layers

of a PCB and overlapped pretty well. If the overlapping area

between the switching node and the power ground is assumed

to be only 10 mm×10 mm, the interlayer stray capacitance

will be around 30 pF, which is already significant compared

with the junction capacitance of the discrete GaN devices.

Since the device drain-to-source voltage rises during the

turn-off transient and falls during the turn-on transient, the

over-voltage is less likely to occur during the turn-on tran-

sient. Therefore, most of the previous studies only discussed

the voltage balancing strategies during the switch turn-off

transient. Strictly speaking, the previous studies only dis-

cussed the switch ‘soft’ turn-off transient, in which the load

current will assist the charging/discharging of the device

junction capacitances. As shown in Fig. 1(a), the lower arm

switches S3 and S4 are experiencing ‘soft’ turn-off due to

the load current direction. During the ‘soft’ turn-off process,

S3 will have higher gate current compared with S4 due to

the displacement current flowing through Cpara3. Meanwhile,

S3 will have higher drain current as well compared with S4,

because of the current drawn by the drain-to-ground parasitic

capacitance Cpara6. For the ‘soft’ turn-off transient, the device

drain-to-source dv/dt can be restricted by either the device

gate current (igate) or the device drain current (idrain), as il-

lustrated in the following equation,

igate ≥ Cgd

dVds

dt
,

idrain ≥ (Cgd + Cds)
dVds

dt
, (1)

where Cgd is the device gate-to-drain capacitance (Miller ca-

pacitance) and Cds is the device drain-to-source capacitance.

It is clear that when the supplied gate current from the gate

driver is sufficient, the ‘soft’ turn-off dv/dt will be mostly

determined by the drain/load current magnitude; when the

supplied gate current from the gate driver is not sufficient,

the ‘soft’ turn-off dv/dt will be limited by the supplied gate

current magnitude. However, for both cases, S3 will exhibit

higher dv/dt than S4 does if no compensation mechanism is

employed. For the upper arm switches, S2 will have higher

drain current compared with S1, because the parasitic capac-

itance Cpara4 will draw some current. The slew rate of the

falling drain-to-source voltage for S2 will be larger than that

for S1. The over-voltage is much less likely to happen for the

upper arm switches, because the drain-to-source voltages of

the two switches start to fall at the same time.

B. HARD SWITCHING SCENARIO

When the lower arm switches are turned on, as shown in

Fig. 1(b), the lower arm switches S3 and S4 are experiencing

‘hard’ turn-on due to the load current direction. During the

‘hard’ turn-on process, S3 will have higher gate current com-

pared with S4 due to the displacement current flowing through

Cpara3. The slew rate of the falling drain-to-source voltage for

S3 will be larger than that for S4. The over-voltage is less

likely to happen, as long as the turn-on timing of the series-

connected switches are well matched. It should be mentioned

that, if there is several nanosecond turn-on timing difference

among the series-connected switches, the over-voltage can

still occur [33]. For the upper arm complimentary switches S1

and S2, however, the over-voltage can occur due to the uneven

rising drain-to-source voltages of the two switches. The upper

arm switches S1 and S2 are actually experiencing ‘hard’ turn-

off during this process, because the drain-to-source voltages
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FIGURE 2. Simplified model of the proposed current source gate driver
during the lower arm switches ‘soft’ turn-off transient.

are forced to be pulled up. Due to the displacement current

from Cpara4, S2 will have higher dv/dt compared with S1.

If no compensation mechanism is employed, S2 will sustain

higher voltage, which can cause the over-voltage breakdown.

This phenomenon is overlooked by most the previous studies.

Actually, this phenomenon is very hard to solve from the

gate-side by using the conventional voltage source gate driver,

because the upper arm switches are already in the off-state.

In this study, a controllable current-source-based gate driver

is proposed. The gate current is directly controlled with fine

accuracy. The above phenomenon can be solved by regulating

the gate-to-source voltage of S2 close to its threshold voltage

for a very small interval in order to reduce its dv/dt and

eventually achieve the balanced voltage sharing.

The detailed voltage balancing strategies for both switching

scenarios will be introduced in the next section.

III. VOLTAGE BALANCING STRATEGIES FOR DIFFERENT

SWITCHING SCENARIOS

A. SOFT SWITCHING SCENARIO

The simplified model of the proposed current source gate

driver in a series-connected GaN-based chopper circuit during

the lower arm switches ‘soft’ turn-off transient are shown in

Fig. 2. For the soft switching scenario, the load current or the

magnetizing current will assist the charging/discharging of the

device junction capacitances during the turn-off transient. For

the ‘soft’ turn-on transient, since the device drain-to-source

voltage already drops to zero before the gate-to-source voltage

reaches the threshold, the over-lapping switching loss is min-

imal. This process is also called the zero voltage switching

(ZVS). To sum, for the soft switching scenario, the dv/dt

happens during the device turn-off transient. Therefore, the

voltage balancing strategy should be implemented during the

device turn-off transient.

For the simplified model of the proposed current source

gate driver, as shown in Fig. 2. A large current source (ics1) is

employed on the primary side of the isolation transformer to

provide the turn-on/turn-off pulse currents. Two small current

sources (ics21, ics22) are implemented on the secondary side

of the isolation transformer to compensate the voltage shar-

ing difference caused by the gate/drain current variance. The

purpose of employing a large current source on the primary

side and two small current sources on the secondary side

are explained as follows. First, this approach eliminates the

potential drain-to-source voltage imbalance caused by the gate

driving propagation delay. If only separate current sources are

employed for each device in the stack, it is hard to guarantee

the consistent propagation delay as well as the current ampli-

tude. Meanwhile, the matrix transformer is utilized to guar-

antee the consistent gate loop parasitics for all the switches

in the stack, because the unit transformer for each channel

is exactly the same. The induced current (ics1′) is the major

component of the supplied current from the gate driver. Sec-

ond, this approach improves the resolution of the gate current

regulation. If only a single current source is used to supply

the transient gate current as well as the compensation current,

the resolution of the gate current regulation will be reduced.

During the turn-on and turn-off transients, the required sup-

plied gate current is usually relatively high (several hundred

of mA to 1∼2 A) to achieve a fast switching event and re-

duce the switching energy. However, the compensation gate

current which is used to precisely regulate the switch turn-off

timing or the dv/dt needs much smaller amplitude. The small

current sources on the secondary side (ics21, ics22) are able to

accomplish the gate current regulation with fine accuracy.

During the lower arm switches turn-off transient, the upper

arm gate driver is disconnected and the current source output

current is controlled to be zero. The Zener diodes between

the gate and source of the upper arm switches S1 and S2 are

employed to sustain the desired turn-off voltage. It should

be mentioned that the current mirror circuits are utilized as

the fast-responded discontinuous current sources. The current

mirror circuits are actually voltage-controlled current sources,

so the output current amplitude can be easily regulated. The

operating principle of the current mirror circuits will be dis-

cussed in Section IV.

To explain the operating principles of the active gate cur-

rent control for drain-to-source voltage balancing in the soft

switching scenario, two possible cases are taken into consid-

eration.

The first case occurs when the gate current magnitude de-

termines the dv/dt during the turn-off transient. For this case,

the supplied current from the gate driver is not sufficient and

most of the supplied current is used to charge the Miller

capacitance (Cgd) during the dv/dt transient and the Miller

plateau emerges. Actually, in terms of reducing the turn-off

switching energy, the supplied turn-off gate current should be
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FIGURE 3. (a) Theoretical waveforms for case 1 without active gate current
control. (b) Theoretical waveforms for case 1 with active gate current
control.

large enough to cut off the device channel as soon as possible.

Then the device dv/dt should be mostly determined by the

load current amplitude. However, in some real applications,

such as inverter-fed motor drives, the dv/dt has limit due to the

concern of insulation or EMI issues [39], [40]. It is common

to reduce the gate current in order to restrict the dv/dt to the

limit value. Therefore, the first case will still occur in real

applications even for GaN devices which have tiny Miller

capacitance. To achieve this scenario, extra input capacitance

(Cgs + Cgd) can be employed for the GaN devices to slow down

the discharging of the gate during the turn-off transient.

The theoretical waveforms for case 1 without/with the ac-

tive gate current control are shown in Fig. 3(a), 3(b), respec-

tively. Without the active gate current control, the gate current

for S3 (ig(S3)) will be larger than the gate current for S4 (ig(S4))

during both the turn-on and turn-off transients. As mentioned

earlier, the gate current increase is due to the displacement

current flowing through the device gate-to-ground parasitic

capacitance. The displacement current flowing through the

gate-to-ground parasitic capacitance (Cpara3) can be expressed

as,

ip3 = Cpara3

dVg3−to−GND

dt
. (2)

For the turn-on transient, the slew rate of drain-to-source

voltage for S3 (Vds(S3)) is faster, so it will fall to zero first.

If the turn-on timing of the series-connected switches are

well synchronized, the over-voltage is unlikely to occur. How-

ever, if there are several nanosecond turn-on delay among

the series-connected switches, the over-voltage can still hap-

pen [33]. The proposed current source gate driver structure

guarantees well-synchronized turn-on timing for the switches

in the stack, so the over-voltage is not a concern during the

switch turn-on transient. For the turn-off transient, the dv/dt of

S3 will be larger than that for S4 as well due to the contribution

of gate-to-ground displacement current. The over-voltage is

very likely to happen if no compensation mechanism is im-

plemented. The small current sources on the secondary side

(ics21, ics22) should be kicked in during the turn-off transient.

The overall gate current can be calculated as,

ig(S3) = ics1′ + ip3 − ics21. (3)

As shown in Fig. 3(b), by increasing the compensation cur-

rent amplitude (ics21) for S3, the overall gate current amplitude

for S3 is actively reduced. Then the turn-off dv/dt starting tim-

ing for S3 can be delayed. In this way, even though the dv/dt

of S3 is still larger than that of S4, the drain-to-source voltages

for the two switches can reach the steady-state value at the

same time. Finally, the balanced voltage sharing is achieved

by implementing the active gate current control.

The second case occurs when the drain current magnitude

or the load current magnitude determines the dv/dt during

the turn-off transient. For this case, the supplied current from

the gate driver is sufficient to discharge the gate below the

threshold during most of the time in the dv/dt transient. The

excessive supplied current from the gate driver will discharge

the gate-to-source capacitance very quickly. Since the channel

of the device is cut off during most of the time in the dv/dt

transient, the switching energy is reduced for this case. This

case is common for GaN devices due to the very small gate

charge.

The theoretical waveforms for case 2 without/with the ac-

tive gate current control are shown in Fig. 4(a), 4(b), respec-

tively. Again, without the active gate current control, the gate

current for S3 will be larger than the gate current for S4 during

both the turn-on and turn-off transients due to the existence of

the gate-to-ground parasitic capacitance. However, the voltage

imbalanced during the turn-off transient is no longer caused

by the gate current difference, because the device channels

are already cut off during most of the time in the turn-off dv/dt

transient. Instead, the voltage imbalance is caused by the drain

current difference. As shown in Fig. 2, the drain current of S4

will be smaller than the drain current of S3 due to the current

drawn by the drain-to-ground parasitic capacitance (Cpara6).

Then the junction capacitance charging speed of the bottom

switch S4 will be slower than the top switch S3, which results

in the voltage imbalance between the two switches. Similarly,

the voltage imbalance can be avoided by delaying the dv/dt

starting timing of the top switch, as shown in Fig. 4(b). It is

achieved by increasing the compensation current magnitude

and reducing the overall gate current for the top switch.

To sum, for both cases in the soft switching scenario,

the balanced voltage sharing can be obtained by tuning the

starting timing of the dv/dt during the turn-off transient. The

following analysis explains how to adjust the dv/dt starting

timing from the gate side.
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FIGURE 4. (a) Theoretical waveforms for case 2 without active gate current
control. (b) Theoretical waveforms for case 2 with active gate current
control.

FIGURE 5. Detailed gate current and voltage waveforms for the lower arm
switches during the ‘soft’ turn-off transient.

The detailed gate current and voltage waveforms during the

‘soft’ turn-off transient are shown in Fig. 5. Based on the semi-

conductor characteristics, the drain-to-source voltage starts to

rise when the gate-to-source voltage reaches the Miller plateau

voltage (VMiller). Therefore, the moment when the device gate-

to-source voltage drops to the Miller plateau voltage can be

regarded as the starting timing of the drain-to-source dv/dt.

It should be mentioned that the gate-to-ground displacement

currents only occur during the dv/dt transient, so it will not

affect the starting timing of the dv/dt. The gate-to-ground

displacement currents are not reflected in Fig. 5. As discussed

earlier, the top switch S3 naturally exhibits higher dv/dt due

to the existence of device-to-ground displacement currents.

The secondary side current source for the top switch should

be kicked in to provide the compensation current and delay

the starting timing of the dv/dt for the top switch. If the device

parameters are considered to be well matched, the difference

of the dv/dt starting timing for the two switches can be calcu-

lated as,

�T = Ttop − Tbot. =
ics2 · Tcs2

ics1′

, (4)

where ics1′ is the magnitude of the induced primary current;

ics2 is the magnitude of the compensation current and Tcs2 is

the pulse-width of the compensation current.

Based on (4), it is clear that the starting timing difference

(�T ) for the series-connected switches is determined by the

product of the magnitude and pulse-width of the compen-

sation current. Therefore, the two control freedoms can be

utilized to obtain the desired starting timing difference. It is

equivalent to directly control the gate charge of the device. It

should be mentioned that the resolution of the compensation

pulse-width is restricted by the controller minimum clock

cycle. As mentioned earlier, the sub-nanosecond unit time step

is required if the pulse-width is the only control freedom in

the conventional voltage source gate driver [14], [33]. With

the proposed approach, the compensation current magnitude

can be set at a relatively small value. High resolution tuning

can still be achieved even with larger unit time step of the

compensation pulse-width. Hence, the digital control will be

more reliable for the proposed approach.

To determine the compensation current magnitude and

pulse-width, the following analysis is conducted. The product

of the magnitude and pulse-width of the compensation current

is defined as the compensation gate charge (Qcom). For the first

case, as shown in Fig. 3, the gate-to-ground displacement cur-

rent (ip3 in Fig. 2) actually brings more gate charge for the top

switch (S3). Therefore, the compensation gate charge should

counteract the extra gate charge brought by gate-to-ground the

displacement current. The following equation can be derived,

Qcom = Cpara3 ·
Vdc

2
, (5)

where Vdc is the dc bus voltage and Cpara3 is the gate-to-ground

parasitic capacitance of S3.

For the second case, as shown in Fig. 4, the dv/dt is no

longer determined by the gate charge, because the device

channel is already cut off during the dv/dt transient. The pro-

posed strategy is basically utilizing the dv/dt starting timing

difference to compensate the slew rate difference. During the

T6∼T7 interval in Fig. 4(b), since the gate-to-source voltage

of S3 is above the threshold, it can be regarded as an on-state

resistor. The equivalent circuit during this interval is shown in

Fig. 6(a). During the T7∼T8 interval in Fig. 4(b), the gate-to-

source voltage of S3 drops below the threshold, so it should be

regarded as a junction capacitor. The equivalent circuit during

this interval is shown in Fig. 6(b). Based on the equivalent
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FIGURE 6. (a) Equivalent circuit for the lower arm switches during T6∼T7

interval (in Fig. 4(b)). (b) Equivalent circuit for the lower arm switches
during T7∼T8 interval (in Fig. 4(b)).

circuit model, the following equation can be derived for this

case,

Qcom =
(Coss4 − Coss3 + Cpara6) · (Coss4 + Cpara5 + Cpara6)

(Coss4 + Cpara6) · iLoad

·
Vdc

2
· ics1′ .

(6)

where the definition of the parameters is consistent with the

definition in Fig. 2.

It should be mentioned that (5) and (6) are derived based

on the simplified circuit model. Meanwhile, the circuit pa-

rameters may change with the operating conditions, such as

temperature. Therefore, it is still necessary to slightly ad-

just the compensation current magnitude and the pulse-width

based on the actual system and operating conditions. In this

study, the compensation current magnitude and pulse-width

are tuned off-line based on the experimental platform and the

operating conditions. The closed-loop implementation will be

investigated in the future study, which will make the proposed

method more adaptive to different operating conditions.

B. HARD SWITCHING SCENARIO

The simplified model of the proposed current source gate

driver in a series-connected GaN-based chopper circuit during

the lower arm switches ‘hard’ turn-on transient are shown in

Fig. 7. For the hard switching scenario, the dv/dt happens

during the device turn-on transient and the drain-to-source

voltages of the complimentary switches in the upper arm are

forced to be pulled up. Therefore, the complimentary switch

S1 and S2 can be considered to be ‘hard’ turned off.

As mentioned earlier, without appropriate compensation

mechanism, severe voltage imbalance is very likely to occur

for S1 and S2 due to the existence of the drain-to-ground

parasitic capacitance (Cpara4 in Fig. 7). The drain currents of

S1 and S2 during this transient have the following relation,

idrain(S2) = idrain(S1) + ip4,

ip4 = Cpara4

dVSW1−to−GND

dt
.

(7)

If S1 and S2 are in the off-state during the entire lower arm

switches ‘hard’ turn-on transient, S2 will exhibit higher dv/dt

due to the higher drain current, which can eventually lead to

the over-voltage breakdown. The equivalent circuit is shown

FIGURE 7. Simplified model of the proposed current source gate driver
during the lower arm switches ‘hard’ turn-on transient.

FIGURE 8. (a) Equivalent circuit for the upper arm switches during the
hard switching transient without active gate current control. (b) Equivalent
circuit for the upper arm switches during the hard switching transient with
active gate current control.

in Fig. 8(a). The two switches can be regarded as junction

capacitors because of the gate-off states. If the junction ca-

pacitances of the two switches are assumed to be close, the

voltage rise for S2 will be faster due to more charging current

for its junction capacitor.

The proposed voltage balancing strategy for the hard

switching scenario is explained as follows. As is shown in

Fig. 9, the compensation current ics2 is injected for the bottom

switch S2 before the dv/dt occurs. The gate-to-source volt-

age of S2 is elevated to Vpk , which is close to its threshold

value. Then the impedance of S2 will be reduced. However,

since the device channel just starts to conduct, the impedance

of the channel is still very high compared with the nor-

mal on-state resistance (Rdson). For instance, the drain-to-

source impedance at the threshold voltage for the Infineon

600 V/30 A e-mode GaN (IGOT60R070D1) is around 3.8 k�.

Hence, once the gate-to-source voltage of S2 reaches around

the threshold level, the switch can be regarded as an equivalent

VOLUME 2, 2021 353



ZHANG ET AL.: NOVEL CURRENT-SOURCE-BASED GATE DRIVER WITH ACTIVE VOLTAGE BALANCING CONTROL FOR SERIES-CONNECTED GAN HEMTS

FIGURE 9. Detailed gate current and voltage waveforms for the upper arm
switches during the hard switching transient.

large resistor, as is shown in Fig. 8(b). In this way, the dv/dt of

S2 can be reduced and the series-connected switches are able

to achieve the balanced voltage sharing. Meanwhile, a large

turn-off current (the induced current) should be applied to

pull down the gate-to-source voltage of S2 back to the turn-off

gate voltage (Vgs(off )) right after the compensation process to

guarantee the safe turn-off of S2.

For the proposed compensation method, the dv/dt of the

bottom switch S2 is proportional to its impedance, which can

be determined by gate-to-source voltage. The peak gate-to-

source voltage (Vpk) can be controlled by both the compen-

sation current amplitude (ics2) and the pulse-width (Tcs2). The

peak gate-to-source voltage can be obtained by,

Vpk = Vgs(off ) +
ics2 · Tcs2

Cgs

. (8)

The duration of the peak voltage is determined by the start-

ing timing of the large turn-off current, which is labeled as

T2 in Fig. 9. With the employment of the proposed compen-

sation method, four different scenarios can occur in terms of

the drain-to-source voltages of the two upper arm switches,

which are shown in Fig. 10. First, if the compensation is not

sufficient, the impedance of S2 will be still comparable to

the impedance of S1. For this scenario, the dv/dt of S2 will

still be higher than that for S1 because of the higher drain

current. The steady-state voltage of S2 will be higher than

the steady-state voltage of S1, which is shown in Fig. 10(a).

Second, if the impedance reduction of S2 just compensates

the contribution of the device drain-to-ground displacement

current, the dv/dt of the two switches can be equalized, as

shown in Fig. 10(b). For this scenario, S1 and S2 are able

to reach the steady-state voltages at the same time and the

balanced voltage sharing is obtained. Third, if the impedance

reduction of S2 is more dominant than the contribution of the

displacement current, the dv/dt of S2 will be lower than that

for S1. However, if the large turn-off current is implemented in

FIGURE 10. (a) Scenario 1 (under-compensated). (b) Scenario 2
(well-compensated). (c) Scenario 3 (well-compensated). (d) Scenario 4
(over-compensated).

the middle of the dv/dt transient, the gate-to-source voltage of

S2 will drop right after that, which will increase the impedance

of S2 significantly. Therefore, after implementation of the

turn-off current, the dv/dt of S2 will be higher than that for

S1 again. For this scenario, as is shown in Fig. 10(c), the two

switches can still achieve balanced voltage sharing. Last but

not least, if the impedance reduction of S2 is more dominant

than the contribution of the displacement current and the large

turn-off current is not implemented yet during the entire dv/dt

transient, the dv/dt of S1 will be higher than the dv/dt of S2

during the entire dv/dt transient. As is shown in Fig. 10(d),

the over-voltage breakdown can happen to the top switch S1.

This phenomenon can be considered as the over-compensated

scenario, which should be avoided.

It is clear that for the well-compensated scenarios (b) and

(c), the upper arm switches exhibit the desired compensation

results, while for the under-compensated scenario (a) and the

over-compensated scenario (d), the upper arm switches still

exhibit the unbalanced voltage sharing. With the appropriate

control of the compensation current amplitude and pulse-

width as well as the starting timing of the large turn-off

current, the desired voltage sharing scenarios (b) and (c) can

be obtained. Since the proposed current source gate driver

directly controls the device gate current with fine accuracy,

the desired well-compensated scenarios are achieved for dif-

ferent operating conditions, which will be demonstrated in

Section V.

It should be mentioned that the proposed method will not

increase the risk of shooting through or introduce excessive

extra loss. It is true that the gate-to-source voltage of S2 is

elevated to its threshold. Due to the series-connected structure,

other switches in the stack are still at the gate-off state, so

the shoot-through will not occur during the switching tran-

sient. Actually, the proposed method may not be suitable
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for the conventional single-switch-based two-level voltage

source converter, but it makes sense in the device in-series

structure. Meanwhile, during the lower arm switches ‘hard’

turn-on transient, the load current has been transfered into

the lower arm switches before the dv/dt starts. The current

flowing through the upper arm switches is only the junction

capacitance charging current from the dc link, which is ex-

tremely small due to the low junction capacitance value of

GaN devices. Even though S2 is an equivalent large resistor

during the dv/dt transient, the extra loss is still negligible.

Moreover, prior to the turn-on of the lower arm switches

(during the dead-time), the elevated gate-to-source voltage of

S2 is beneficial for reducing its conduction loss, because the

source-to-drain voltage drop of the device is decreased.

To determine the compensation current magnitude and the

pulse-width in the hard switching scenario, it is hard to write

down an analytical equation, because the resistance of the de-

vice is a multi-variable function of its gate-to-source voltage,

drain-to-source voltage and its drain current. A good selection

is to make the gate-to-source voltage of the device with higher

dv/dt (S2) right at its threshold voltage, so the following equa-

tion can be derived for the compensation gate charge,

Qcom = (Vth − Vgs(off )) · Cgs. (9)

If the under-compensated scenario is observed, the com-

pensation gate charge should be increased. If the over-

compensated scenario is observed, the compensation gate

charge should be reduced. Meanwhile, the starting timing

of the large turn-off gate current can be fixed at certain de-

lay after the complimentary switches are turned on. In this

study, the compensation current magnitude and pulse-width

are tuned off-line based on the experimental platform and the

operating conditions. The closed-loop implementation will be

investigated in the future study.

IV. OPERATING PRINCIPLES AND PRACTICAL DESIGN

CONSIDERATIONS OF THE PROPOSED CURRENT SOURCE

GATE DRIVER

A. OPERATING PRINCIPLES OF THE PROPOSED CURRENT

SOURCE GATE DRIVER

The circuit diagram of the proposed current source gate driver

is shown in Fig. 11. The detailed operating principles of this

circuit are explained as follows.

1) PRIMARY SIDE CURRENT SOURCE

The current mirror circuits are utilized as the primary side cur-

rent source. The turn-on transient pulse current and turn-off

transient pulse current are generated by two separate current

mirror circuits, hence, the pulse current amplitude for the

turn-on transient (ics1−on) and the turn-off transient (ics1−off )

are independent, which can be calculated by,

ics1−on =
Von − VBE

R1

,

ics1−off =
Voff − 2VBE

R2

,

(10)

FIGURE 11. Circuit diagram of the proposed current source gate driver.

where VBE is the base-to-emitter voltage drop for the BJT

(around 0.7 V); Von and Voff are the high-state values for the

turn-on pulse and the turn-off pulse, respectively.

Meanwhile, two Schottky diodes (D1 and D2) are used to

limit the output voltage of the primary current mirror circuit

within 0∼+Vcc to guarantee the BJTs (Q1∼Q6) operate in the

forward active region.

2) MATRIX TRANSFORMER

The matrix transformer with the split-winding structure is

employed. The matrix transformer is defined as an array

of elemental transformers interwired to form a single trans-

former [41]. In the proposed current source gate driver, the pri-

mary side of the element transformers are connected in series.

With the identical structure for each channel, the parasitics

(magnetizing inductance, leakage inductance, intra-winding

and inter-winding capacitance) for different channels will

be very consistent. Therefore, the induced currents for each

channel will be almost the same as well, which is critical

for maintaining the roughly synchronized switching timing

for different channels. Meanwhile, the split-winding structure

provides separate gate driving loops for the turn-on and turn-

off transients. Moreover, a dc offset voltage (half of +Vcc)

is applied on the primary side of the transformer to ensure

that the output voltage of the primary current mirror circuit is

always above zero, so the BJTs will operate in the forward

active region. Moreover, the primary current mirror output

voltage (transformer primary side voltage) is determined by

the transformer secondary side voltage, so there is another

restriction on the turns ratio of the transformer, which can be

expressed as follows,

|Vgs(on)| + |Vgs(off )|

N
· m < +Vcc, (11)
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FIGURE 12. Operating principle of the self-driven blocking circuit. (a)
Turn-on pulse current interval. (b) First demagnetization interval. (c)
Turn-off pulse current interval. (d) Second demagnetization interval.

where Vgs(on) and Vgs(off ) are the on-state and off-state gate-to-

source voltage for the main switch; N is the turns ratio of the

unit transformer and m is the number of unit transformers in

the matrix transformer.

The detailed design considerations of the matrix trans-

former will be discussed later in this article.

3) SELF-DRIVEN BLOCKING CIRCUIT

A self-driven blocking circuit is implemented on the sec-

ondary side of the transformer. The function of this circuit

is to transfer the primary side pulse current when the pulse

current arises and block the discharging path for Cgs when

the pulse current disappears in order to sustain the desired

steady-state gate-to-source voltage. The operating principle of

the self-driven blocking circuit is shown in Fig. 12 and the

detailed operation during different intervals in one switching

cycle is explained as follows.

As shown in Fig. 12(a), during this interval, the turn-on

pulse current arises and the gate-to-source voltage starts to

rise. The induced turn-on current (ipri′(on)) will be split by

two branches. The majority of the current (imajor(on)) will be

utilized to charge Cgs of the main switch, while a small portion

of the current (iminor(on)) will be utilized to turn on the gate of

the P-type MOSFET M1. The magnitude of iminor(on) is limited

by the depletion-mode MOSFET M2, which can be calculated

as,

iminor(on) = IDSS ·

(

1 −
iminor(on) · R5

Vth(D)

)2

, (12)

where IDSS is the drain current at zero gate-to-source voltage

and Vth(D) is the threshold voltage of the depletion-mode MOS-

FET.

Meanwhile, the voltage drop on R3 should be large enough

to turn on the gate of M1. Therefore, the following condition

should be met,

iminor(on) · R3 > |Vth(P)|, (13)

where Vth(P) is the threshold voltage for P-type MOSFET, which

is negative.

The duration of turn-on pulse current should be long

enough to ensure the gate-to-source voltage of the main switch

reach the desired on-state voltage. Since there is no voltage

source to clamp the gate-to-source voltage, the desired on-

state voltage can be achieved by using the breakdown voltage

of the Zener diode (for p-gate e-mode GaN) or using the

natural forward voltage drop of the intrinsic diode between

the gate and source (for GaN gate injection transistor (GIT)).

This interval ends when the turn-on pulse current disappears.

It should be mentioned that some margin should be reserved

for the duration of the turn-on pulse in the practical design.

For instance, if the rising time of the gate-to-source voltage

is 50 ns, the duration of the turn-on pulse current can be

set as 100 ns. After the gate-to-source voltage reaches the

breakdown voltage of the Zener diode or the desired forward

voltage of the intrinsic gate-to-source diode in GIT, the ex-

cessive current will flow into the Zener diode or the intrinsic

gate-to-source diode, which will cause a little higher gate-to-

source voltage than the desired value. During this process, the

volt-second applied on the transformer is typically positive

due to the extended turn-on pulse, so the magnetizing current

will flow into the dot in the secondary upper winding, which

will cause a little reduction of ipri′(on).

Once the turn-on pulse disappears, the transformer sec-

ondary upper winding will be disconnected from the main

switch gate loop by the Schottky diode D5. Due to the flux

continuity, there will be a certain current continue to flow into

the dot in the secondary lower winding of the transformer,

as shown in Fig. 12(b). This is the so-called demagnetization

process. The total demagnetizing current (im1) is the joint

current of im2 and im3 in the two branches. The gate-to-source

voltage can be discharged a little bit by im3. However, by

designing the transformer with large magnetizing inductance,

the magnitude of im3 will be very insignificant. Meanwhile,

the gate-to-source voltage is a little higher than the desired

on-state value at the end of the last interval due to the ex-

tended turn-on pulse, so the gate-to-source voltage can still

be very close to the desired value after the demagnetizing

process. Next, the gate-to-source voltage will stay at the de-

sired on-state value until the turn-off pulse emerges. It should

be mentioned that the demagnetizing process is actually the

volt-second balancing process for the transformer. During the
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demagnetizing process, the negative volt-second will apply

on the transformer to compensate the positive volt-second

during the last interval. Once the volt-second is balanced,

the demagnetizing current will disappear and the transformer

winding will be disconnected from the main switch gate loop

by the Schottky diode D6. Therefore, the transformer will

only be kicked in during the turn-on/turn-off transients and

the following demagnetizing short intervals. The volt-second

applied on the transformer will be very small, so the size of

the transformer can be very tiny and the commercial pulse

transformers can be utilized.

The circuit operation for the turn-off pulse current interval

is very similar to the turn-on interval, as shown in Fig. 12(c).

During this interval, the turn-off pulse current arises and the

gate-to-source voltage starts to fall. The induced turn-off cur-

rent (ipri′(off )) will be split by two branches. The majority of

the current (imajor(off )) will be utilized to discharge Cgs of the

main switch, while a small portion of the current (iminor(off ))

will be utilized to turn on the gate of the N-type MOSFET M4.

The magnitude of iminor(off ) is limited by the depletion-mode

MOSFET M3, which can be calculated as,

iminor(off ) = IDSS ·

(

1 −
iminor(off ) · R6

Vth(D)

)2

, (14)

where IDSS is the drain current at zero gate-to-source voltage

and Vth(D) is the threshold voltage of the depletion-mode MOS-

FET.

Meanwhile, the voltage drop on R8 should be large enough

to turn on the gate of M4. Therefore, the following condition

should be met,

iminor(off ) · R8 > Vth(N), (15)

where Vth(N) is the threshold voltage for N-type MOSFET,

which is positive.

Similarly, the duration of turn-off pulse current should be

long enough to ensure the gate-to-source voltage of the main

switch reach the desired off-state voltage. Since there is no

voltage source to clamp the gate-to-source voltage, the desired

off-state voltage can be achieved by using the breakdown

voltage of the Zener diode. This interval ends when the turn-

off pulse current disappears. Again, some margin should be

reserved for the duration of the turn-off pulse in the practical

design. For instance, if the falling time of the gate-to-source

voltage is 50 ns, the duration of the turn-off pulse current

can be set as 100 ns. After the gate-to-source voltage reaches

the breakdown voltage of the Zener diode, the excessive cur-

rent will flow into the Zener diode, which will cause a little

more negative turn-off voltage than the desired value. During

this process, the volt-second applied on the transformer is

typically negative due to the extended turn-off pulse, so the

magnetizing current will flow out of the dot in the secondary

lower winding, which will cause a little reduction of ipri′(off ).

Once the turn-off pulse disappears, the transformer sec-

ondary lower winding will be disconnected from the main

switch gate loop by the Schottky diode D6. Due to the flux

continuity, there will be a certain current continue to flow

out of the dot in the secondary upper winding, as shown in

Fig. 12(d). The total demagnetization current (im4) is the joint

current of im5 and im6 in the two branches. The negative gate-

to-source voltage can be elevated a little bit by im6. However,

by designing the transformer with large magnetizing induc-

tance, the magnitude of im6 will be very insignificant. Mean-

while, the gate-to-source voltage is a little more negative than

the desired off-state value at the end of the last interval due

to the extended turn-off pulse, so the gate-to-source voltage

can still be close to the desired value after the demagneti-

zation process. Next, the gate-to-source voltage will stay at

the desired off-state value until the turn-on pulse in the next

switching cycle occurs. Similarly, during the demagnetizing

process, the positive volt-second will apply on the transformer

to compensate the negative volt-second during the last in-

terval. Once the volt-second is balanced, the demagnetizing

current will disappear and the transformer winding will be

disconnected from the main switch gate loop by the Schottky

diode D5.

4) SECONDARY SIDE CURRENT SOURCE

The current mirror circuits are employed as the secondary side

current source as well. The compensation pulse amplitude can

be calculated by,

icom =
Vcom − VBE

R11

, (16)

where VBE is the base-to-emitter voltage drop for the BJT

(around 0.7 V) and Vcom is the amplitude of the compensation

pulse voltage.

It should be mentioned that the isolated dc-dc power sup-

plies should be employed for the secondary side current mirror

circuits. Meanwhile, for GaN GIT, a constant small current

(around 20 mA) should be supplied for the main switch during

the entire on-state.

5) OTHER CIRCUIT ELEMENTS

The Zener diode D7 is used to maintain the desired negative

off-state gate-to-source voltage. The turn-off current pulse-

width needs to be long enough to make the negative gate-

to-source voltage exceed the breakdown voltage of D7. The

Schottky diode D8 is employed for GaN GIT to prevent the

forward biased of D7. Since there is an intrinsic diode between

the gate and source for GIT, it is not necessary to use another

Zener diode to clamp the on-state voltage. The Schottky diode

D8 should be modified to a Zener diode for p-gate GaN to

maintain the desired on-state gate-to-source voltage.

Meanwhile, the gate resistance R9 can be utilized to damp

the gate loop ringing. Since the gate current is no longer deter-

mined by the gate resistance value in the current source gate

driver, the value of the gate resistance can be minimized. An

external gate-to-source capacitor C1 can be added to eliminate

the effect of device input capacitance tolerance and slow down
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the rising and falling of the gate-to-source voltage. A large re-

sistor R10 (hundreds of k�) is used to maintain the initial volt-

age balancing for the series-connected GaN HEMTs. More-

over, a TVS diode D9 is utilized to prevent the over-voltage

breakdown of the main switch. The junction capacitance of

the state-of-the-art 500∼600 V TVS diode can be as small

as 10 pF, which has little impact on the switching speed of

the main switch. It should be mentioned that the TVS diode

D9 is only for protection, not for voltage balancing. Hence, D9

will only be kicked in when the device drain-to-source voltage

exceeds the breakdown voltage of D9.

B. PRACTICAL DESIGN CONSIDERATIONS OF THE

PROPOSED CURRENT SOURCE GATE DRIVER

1) DESIGN CONSIDERATIONS OF CURRENT MIRROR

CIRCUITS

First, the switching speed of the current mirrors should be fast

enough to ensure the gate current for the main switch reach

the desired value during most of time within its switching tran-

sients. The commercial state-of-the-art small signal transistors

have the extremely small input and output capacitances. For

example, for Diodes Incorporated 40 V/200 mA transistor pair

(DMMT3904 W), the input capacitance and output capaci-

tance are only 8 pF and 4 pF, respectively. Basically, based

on the characteristics of the small signal transistors, they are

able to provide very high slew rate pulse current. However,

the slew rate of the pulse current is mainly restricted by the

primary side leakage inductance of the transformer, which

will be discussed later.

Second, the large current source can be constructed by

paralleling several identical small current mirror circuits. For

instance, if the output current of one small current mirror

circuit is 200 mA, the 2 A pulse current can be obtained by

paralleling ten identical current mirror circuits. This approach

is employed in this study.

Last but not least, the power loss evaluation should be

considered for the current mirror circuits. Basically, since the

current mirror circuits only provide pulse current during the

switching transients, the power loss is not high. If the desired

turn-on and turn-off pulse current are both 2 A, the pulse

duration is assumed to be 100 ns and the switching frequency

is assumed to be 100 kHz, the conduction loss of the primary

side current mirror circuits can be estimated as,

Pcon(cs1) = +Vcc ·

(

ics1−on ·
tcs1−on

Tsw

+ ics1−off ·
tcs1−off

Tsw

)

,

(17)

where ics1−on, ics1−off are the pulse current amplitude; tcs1−on,

tcs1−off are the pulse current duration and Tsw is the switching

cycle.

If the supplied voltage for the current mirror circuits is

assumed to be +24 V, then the conduction loss for the primary

side current mirror circuits is 0.96 W according to (17), which

is normally very insignificant compared to the main switch

power losses. Meanwhile, since the switching speed of the

FIGURE 13. (a) Lumped model of the unit transformer. (b) Gate-to-source
voltage and core flux linkage during the turn-on transient.

small signal transistors is very fast, the switching loss can be

ignored for those low-voltage and low-current transistors.

Moreover, for the secondary side current mirror circuits,

since the pulse amplitude of the compensation current is much

smaller than the primary side pulse current, the conduction

loss of the secondary current mirror circuits is extremely low.

It should be mentioned that for GaN GIT, the constant 20 mA

gate current should be supplied for the main switch during

the entire on-state, which will cause higher conduction loss

for the secondary side current mirror circuits. However, the

gate driving loss will be increased as well if the conventional

voltage source gate driver is utilized to drive the GaN GIT.

Therefore, the additional gate driving loss of the secondary

side current mirrors is insignificant.

To sum, the power loss of the current mirror circuits is not

a concern due to their discontinuous pulsed operation mode.

2) DESIGN CONSIDERATIONS OF MATRIX TRANSFORMER

The lumped model of the unit transformer is shown in

Fig. 13(a).

First, the leakage inductance of the transformer should be

minimized for the proposed current source gate driver, be-

cause it limits the slew rate of the primary current mirror out-

put current, which can be explained by the following equation,

+Vcc > Llk1 ·
di

dt
, (18)

where Llk1 is the primary side leakage inductance for the

matrix transformer and +Vcc is the supplied voltage for the

primary side current mirror circuits.

Since the voltage drop on the primary linkage inductance

should not exceed the supplied voltage for the current mirror

circuits, the di/dt of the pulse current is restricted. If the pri-

mary side leakage inductance of the transformer is assumed

to be 100 nH and the supplied voltage for the primary current

mirrors is +24 V, the di/dt will be limited to 240 mA/ns based

on (18). If the desired transient turn-on/turn-off gate current is

2 A, it will take 8.3 ns to achieve the steady-state value. When
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the leakage inductance becomes larger, the transient duration

will be extended as well. To ensure the gate current equal its

desired value during most of the time of the turn-on/turn-off

transients, an external Cgs can be utilized to slow down the

rising and falling of the gate-to-source voltage for the main

switch.

For the leakage inductance on the secondary side of the

transformer, as mentioned earlier, the values should be kept

consistent for different channels in the stack. It can be

achieved by the employment of the matrix transformer struc-

ture. In this study, the planar matrix transformer is utilized,

which guarantees the consistent leakage inductances for dif-

ferent channels due to the fixed PCB winding structure.

Second, the magnetizing inductance of the transformer

should be large enough to reduce the magnetizing current

and demagnetizing current for the proposed current source

gate driver. The gate-to-source voltage and the core flux link-

age waveforms during the turn-on transient are shown in

Fig. 13(b). The turn-off transient is very similar to the turn-on

transient, so it is not shown in the figure. At T1, the turn-on

pulse current occurs and the device gate-to-source voltage

starts to rise. At T3, the device gate-to-source voltage reaches

its peak value. Due to the margined turn-on pulse current, the

pulse current will disappear at T4. After T4, the demagnetizing

process starts and the process ends at T5. The flux linkage in

the core will reach its peak value at the end of the turn-on

pulse (T4). The maximum flux linkage in the core can be

calculated by,

λmax = (Vgs(max) + ig(on) · R9 + VD5 + Vds(M1)) · Tmargin,

(19)

where Vgs(max) is the peak gate-to-source voltage; ig(on) is the

turn-on gate current; Tmargin is the margined pulse duration;

R9, D5 and M1 are the other components in the turn-on gate

loop, which are shown in Fig. 11.

The magnetizing inductance should satisfy the following

condition,

Lm2 >
λmax

im(max)

, (20)

where Lm2 is the magnetizing inductance of the secondary

side and im(max) is the desired maximum magnetizing current.

In this study, if the desired maximum magnetizing current

is 1/10 of the turn-on pulse current; R9 is selected to be 1 �;

VD5 is around 0.5 V; Vds(M1) is around 0.4 V and the margined

pulse duration is 50 ns, then the minimum magnetizing induc-

tance is calculated to be only about 2 µH, which is very easy

to obtain in the practical design.

Third, the intra-winding capacitance of the transformer

should be minimized. The intra-winding capacitance is de-

fined as the stray capacitance among different turns within

each winding, which are shown as Cintra1 and Cintra2 in Fig. 13.

The intra-winding capacitance can be regarded as the output

capacitance for the current mirror circuits and it will draw

some current during the switching transients. Meanwhile, the

oscillations can occur between the intra-winding capacitance

and the leakage inductance.

Fourth, the inter-winding capacitance of the transformer

should be minimized as well. The inter-winding capacitance is

defined as the stray capacitance between the primary winding

and the secondary winding of the transformer, which is shown

as Cinter in Fig. 13. It should be mentioned that Cinter rep-

resents the total inter-winding capacitance for the unit trans-

former in this figure. As mentioned earlier, the inter-winding

capacitance can be regarded as part of the device gate-to-

ground parasitic capacitances. The corresponding displace-

ment currents can result in discrepancies in the gate currents

for different channels. The discrepancies in the gate currents

can be compensated by the proposed current source gate

driver. Meanwhile, the displacement current flowing through

the inter-winding capacitance can distort the control signal on

the primary side, which may cause the mis-triggering.

Last but not least, the power loss should be considered for

the transformer as well.

The core loss of the transformer can be calculated by the

following equation,

Pcore = Kwaveform · k · f α · Bmax
β · Vcore, (21)

where Pcore is the core loss; Bmax is the maximum flux density

in the core; Kwaveform represents the core loss density under

different excitation voltage waveforms [42]; k, α, β are Stein-

metz parameters, which are provided by the manufacturer and

Vcore is the volume of the core.

The maximum flux density (Bmax) can be calculated by the

following equation,

Bmax =
λmax

Ac · N
, (22)

where Ac is the cross-section area of the core and N is the

number of turns for the winding.

With the same parameters as selected earlier, if the winding

only has one turn and the cross-section area is assumed to

be only 5 mm×5 mm, the maximum flux density will be

around 16 mT, which indicates very insignificant core loss.

In the practical design, the maximum flux density can be even

smaller if multiple turns are employed for the winding.

In terms of the transformer winding loss, it can be calcu-

lated by,

Pwinding =

∞
∑

h=1

Fac(h) · Ih
2 · Rdc, (23)

where Rdc is the winding dc resistance value; Ih is the winding

current for hth harmonic component and Fac(h) is the winding

ac factor for hth harmonic component, which can be estimated

by Dowell’s model [43] or by FEA simulation.

Again, due to the pulsed winding current, the winding rms

current is very low for the transformer. If the desired turn-on

and turn-off pulse current are both 2 A, the pulse duration is

assumed to be 100 ns and the switching frequency is assumed
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to be 100 kHz, the winding current rms value will be only

0.28 A, which indicates very minimal winding loss.

To sum, due to the low volt-second and low rms current

operating conditions for the transformer, the power loss of the

transformer is not a concern for the proposed current source

gate driver. Meanwhile, since the transformer only transfers

pulse power, the size of the transformer can be very tiny as

well.

In this study, the planar matrix transformer is employed.

Due to the fixed PCB winding structure, the parasitic param-

eters for each unit transformer can be kept the same [44]. In

terms of the insulation, the primary winding and secondary

winding are placed in the two layers of the PCB, the interlayer

insulation voltage level of the PCB is far beyond the voltage

level for the test. However, sufficient creepage distance should

be reserved between the winding and the core based on the

corresponding insulation standard.

3) DESIGN CONSIDERATIONS OF THE SELF-DRIVEN

BLOCKING CIRCUIT

The current rating and power loss should be considered for the

auxiliary switches (M1, M2, M3, M4) in the self-driven block-

ing circuit (shown in Fig. 11). Since the major component of

the pulse current will flow through M1 and M4, their current

rating for these two auxiliary switches should be larger than

the pulse current amplitude. Lower current rating devices can

be selected for the other two auxiliary switches M2 and M3.

In terms of the power loss produced in the auxiliary

switches, due to the very short pulse current, the loss is

typically in the range of tens of mW. Therefore, the power

loss generated in the self-driven blocking circuit is extremely

insignificant.

4) DESIGN CONSIDERATIONS OF OTHER CIRCUIT ELEMENTS

It is found in the experiments that the device off-state voltage

is not stabilized at the desired value if only the Zener diode

(D7 in Fig. 11) is employed. Without the constant reverse cur-

rent flowing through the Zener diode, the breakdown voltage

can not be maintained at the nominal value. To solve this issue,

a low-voltage MOSFET can be connected between the gate and

the negative rail of the secondary side power supply (−Vcc(iso)

in Fig. 11). After the gate-to-source voltage drops below the

desired off-state voltage, the MOSFET should be turned on

to clamp the gate-to-source voltage at the desired off-state

value. The operating principle is similar to the active Miller

clamping in the conventional voltage source gate driver [45].

The secondary side isolated power supply (voltage source) is

only for clamping the gate voltage, which should be kicked in

after the turn-off transient. The transient turn-off gate current

is still supplied by the current source gate driver, so the dv/dt

during the switching transients can be accurately regulated

by adjusting the supplied gate current. This function will be

implemented in the future prototype.

FIGURE 14. Prototype of a series-connected GaN-based multiple pulse
tester with the proposed current source gate driver.

V. EXPERIMENTAL VERIFICATION

A. A SERIES-CONNECTED GAN-BASED MULTIPLE PULSE

TESTER WITH THE PROPOSED CURRENT SOURCE

GATE DRIVER

A series-connected GaN-based multiple pulse tester (MPT)

with the proposed current source gate driver is designed and

fabricated as shown in Fig. 14. The MPT is basically a half-

bridge converter. A 300 µH air-core inductor is paralleled

with the upper arm. Two series-connected GaN HEMTs are

employed for both the upper arm and the lower arm of the

MPT. The setup of the MPT is the same as the circuit shown

in Fig. 2. The two upper arm switches are labeled as S1 (top

switch) and S2 (bottom switch), while the two lower arm

switches are labeled as S3 (top switch) and S4 (bottom switch).

Although two switches are connected in series for the proto-

type, the proposed current source gate driver and voltage bal-

ancing strategies can be extended for more switches-in-series

scenarios.

It should be mentioned that the modular design is chosen in

this study, so the power density of the prototype is not opti-

mized. Infineon 600 V/30 A e-mode GaN (IGOT60R070D1)

devices (GIT) are employed in this prototype. The secondary

side current mirrors and the self-driven blocking circuits are

on the back of the mother board in the prototype. The selected

components for the proposed current source gate driver are

listed in Table 2. The labels of the components are consistent

with the labels presented in Fig. 11. Multiple small current

mirrors are paralleled to construct the large current source

for the primary side. Meanwhile, R1, R2 and R11 can be

adjusted based on the desired gate current value. Moreover,

the planar matrix transformer is employed for this prototype.

The critical parameters for each unit transformer is listed in

Table 3.

The gate driving loss is normally a big concern for the cur-

rent source gate driver. To evaluate the gate driving loss of the

proposed current source gate driver. The turn-on and turn-off

pulse currents for the primary current mirrors are selected to
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TABLE 2. Selected Components for the Proposed Current Source Gate
Driver

TABLE 3. Critical Parameters for the Unit Planar Transformer

be 2 A; the continuous on-state gate current for GaN GIT is

20 mA; the switching frequency is considered to be 100 kHz

and the duty cycle is 0.5. Then the total power dissipation in

the proposed current source gate driver for driving all four

switches is around 2.6 W, which is insignificant compared

with main switches power losses for most of the applications.

The corresponding power loss breakdown for the proposed

current source gate driver is shown in Fig. 15. It is clear that

the power loss for the current mirrors is dominant in the total

gate driving loss. It is understandable because the BJTs are in

the active forward region in the current mirror circuits, which

exhibit higher transistor voltage drop. However, due to the

discontinuous pulsed operation of the current mirrors, the total

loss of the proposed current source gate driving circuit is still

acceptable.

Without the main power, the gate-to-source voltages of the

lower arm switches and the gate current of the transformer

primary side are shown in Fig. 16. The following conclusions

can be obtained based on the waveforms. First, the synchro-

nization of the gate-to-source voltages for different switches

in the stack is pretty good. As mentioned earlier in the article,

the structure of the proposed current source gate driver almost

eliminates the discrepancies of the propagation delays and the

FIGURE 15. Power loss breakdown for the proposed current source gate
driver.

FIGURE 16. Gate-to-source voltages of the two lower arm switches (S3, S4)
and the gate current of the transformer primary side.

gate loop parasitics. Second, the slew rate (di/dt) of the turn-

on/turn-off pulse currents are restricted by the transformer

leakage inductance. However, by designing the low leakage

inductance transformer, the pulse currents can attain the de-

sired values before the device gate-to-source voltage reaches

the threshold. Last but not least, the overshoot in the gate-

to-source voltage is due to the turn-on/turn-off pulse margin,

which is essential to guarantee the safe turn-on/turn-off of the

main switches.

B. VERIFICATION OF THE PROPOSED VOLTAGE

BALANCING STRATEGY IN SOFT SWITCHING SCENARIO

1) CASE 1: DRAIN-TO-SOURCE DV/DT IS RESTRICTED BY THE

GATE CURRENT

As mentioned earlier in the article, due to the concern of

insulation or EMI issues, the maximum dv/dt is restricted

by reducing the gate current in some practical applications.

For the conventional voltage source gate driver, a large gate

resistor is typically used to reduce the gate current. For the

proposed current source gate driver, the primary side current

mirror output can be directly decreased.

The waveforms for the lower arm switches (S3, S4) turn-

off transient in the 600 Vdc and 25 A drain current condition

are captured. As is shown in Fig. 17, without the active gate
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FIGURE 17. Gate-to-source voltages and drain-to-source voltages of the
two lower arm switches (S3, S4) without active gate current control for soft
switching case 1.

FIGURE 18. Gate-to-source voltages and drain-to-source voltages of the
two lower arm switches (S3, S4) with active gate current control for soft
switching case 1.

current control, the top switch S3 exhibits higher dv/dt than

the bottom switch S4 does, which results in the 68% voltage

difference compared with the desired average value (300 V).

Although the gate current provided by the proposed current

source gate driver is almost the same for both switches, the top

switch has higher total gate current thanks to the contribution

from the gate-to-ground displacement current (labeled as ip3

in Fig. 2).

With the implementation of the active gate current control,

the total gate current for the top switch is reduced by increas-

ing the compensation current on the secondary side of the gate

driver, so the dv/dt of the top switch is reduced. Meanwhile,

since the gate-to-source voltage of the top switch reaches its

Miller plateau voltage a little bit later, the dv/dt starting timing

of the top switch is delayed as well (delayed by 8 ns). The

voltage difference of the two switches is cut down to 9.3%

compared with the desired average value, as shown in Fig. 18.

The experimental results successfully validate the theoretical

analysis in Fig. 3.

2) CASE 2: DRAIN-TO-SOURCE DV/DT IS RESTRICTED BY THE

DRAIN/LOAD CURRENT

As mentioned earlier in the article, if the turn-off gate current

provided by the gate driver is sufficient, the dv/dt is typically

FIGURE 19. Gate-to-source voltages and drain-to-source voltages of the
two lower arm switches (S3, S4) without active gate current control for soft
switching case 2.

limited by the drain/load current for GaN devices. With suf-

ficient turn-off gate current, the device channel will be cut

off very quickly, which is beneficial for reducing the device

switching energy.

The waveforms for the lower arm switches (S3, S4) turn-off

transient in the 600 Vdc and 25 A drain current condition are

captured. As shown in Fig. 19, without the active gate current

control, the top switch S3 exhibits higher dv/dt than the bottom

switch S4 does, which results in the 133% voltage difference

compared with the desired average value (300 V). It is clear

that during most of the time in the dv/dt transient the gate-

to-source voltages of the two switches already drop below the

threshold. Therefore, the voltage sharing difference is caused

by the variance in the drain current because of the contribution

from the drain-to-ground displacement current (labeled as ip6

in Fig. 2).

With the implementation of the active gate current control,

the total gate current for the top switch is reduced by increas-

ing the compensation current on the secondary side of the gate

driver, so the dv/dt starting timing of the top switch is delayed

(delayed by 3.7 ns). Although the dv/dt of the top switch is

still higher than the bottom switch, the two switches can reach

the steady state value at the same time due to the starting

timing difference. The voltage difference of the two switches

is cut down to 10% compared with the desired average value,

as shown in Fig. 20. The experimental results successfully

validate the theoretical analysis in Fig. 4.

C. VERIFICATION OF THE PROPOSED VOLTAGE

BALANCING STRATEGY IN HARD SWITCHING SCENARIO

When the lower arm switches (S3, S4) are ‘hard’ turned on, the

drain-to-source voltages of the upper arm switches (S1, S2) are

forced to be pulled up and the voltage imbalance occurs, as

shown in Fig. 21. It is clear that the gate-to-source voltage

of S2 is far below the threshold when the dv/dt occurs, so

the impedance of S2 is very high during this transient. The

existence of the device drain-to-ground capacitance will lead

to the variance in the device drain currents, which results in

the voltage imbalance. In the operating condition of 600 Vdc

and 25 A drain current, the bottom switch S2 exhibits higher
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FIGURE 20. Gate-to-source voltages and drain-to-source voltages of the
two lower arm switches (S3, S4) with active gate current control for soft
switching case 2.

FIGURE 21. Gate-to-source voltages and drain-to-source voltages without
active gate current control for hard switching scenario.

FIGURE 22. Gate-to-source voltages and drain-to-source voltages with
active gate current control for hard switching scenario.

dv/dt than the top switch S1 does. The voltage difference is

40% compared with the average value (300 V).

With the implementation of the active gate current control,

the compensation current is injected into the gate of S2 to

elevate its gate-to-source voltage closer to the threshold volt-

age when the dv/dt occurs. The dv/dt of the bottom switch

S2 is decreased due to its reduced impedance. After the dv/dt

transient is finished, the gate-to-source voltage of S2 is pulled

down again by a large turn-off current to maintain the safe

turn-off of S2. The voltage difference of the two switches is

cut down to 6.7% compared with the desired average value,

FIGURE 23. Drain-to-source voltages and load current in the multiple
pulse test with only 300 pF/10 � RC snubber.

FIGURE 24. Drain-to-source voltages and load current in the multiple
pulse test with 300 pF/10 � RC snubber (optional) and active gate current
control.

as shown in Fig. 22. The experimental results successfully

validate the theoretical analysis in Fig. 9 and Fig. 10.

D. VERIFICATION OF THE PROPOSED VOLTAGE

BALANCING STRATEGY FOR DIFFERENT LOAD AND

DIFFERENT SWITCHING SPEED CONDITIONS

To verify the voltage balancing function of the proposed cur-

rent source gate driver in different load and different switch-

ing speed (dv/dt) conditions, the multiple pulse test at 600

Vdc and 0∼25 A load current is conducted. The desired

amplitude and the pulse-width of the compensation current

are tuned off-line for different load current conditions and

directly programmed in the controller. Meanwhile, the gate

current supplied by the gate driver is sufficient and the lower

arm switches turn-off dv/dt is almost determined by the load

current amplitude. A very small RC snubber circuit (300 pF/

10 �) is utilized to damp the Vds ringing for the switches. Such

small snubber circuit will offer little help to the voltage bal-

ancing and the snubber circuit is totally optional. As is shown

in Fig. 23, with only the small RC snubber (without active

gate current control), the severe voltage imbalance among the

series-connected switches is still observed. After implement-

ing the proposed active gate current control, the voltage differ-

ence among the switches is suppressed below 10% compared

with the average value (300 V) for the whole load current

range, as shown in Fig. 24. It should be mentioned that since
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FIGURE 25. Lower arm switches turn-off at 4.5 A load current condition.

FIGURE 26. Lower arm switches turn-on at 4.5 A load current condition.

FIGURE 27. Lower arm switches turn-on at 21 A load current condition.

the off-state drain-to-source voltage of S2 is very close to half

of the dc link voltage, the off-state drain-to-source voltage of

S1 will be almost equalized to half of the dc link voltage as

well. The oscilloscope used in the test only has four channels,

so the drain-to-source voltage of S1 is not presented in the

experimental waveforms.

The zoomed-in switching waveforms for the light load con-

dition are shown in Fig. 25 and Fig. 26, while the zoomed-in

switching waveforms for the heavy load condition are shown

in Fig. 27 and Fig. 28. Based on these waveforms, the follow-

ing conclusions can be made.

First, for the lower arm switches turn-off transients (Fig. 25

and Fig. 28), the desired dv/dt starting timing difference is

larger for the light load condition, which indicates larger com-

pensation current amplitude or longer compensation current

FIGURE 28. Lower arm switches turn-off at 25 A load current condition.

pulse-width should be implemented for lighter load condi-

tion. Second, for the lower arm switches turn-on transients

(Fig. 26 and Fig. 27), the over-voltage is not observed for the

lower arm switches, although their dv/dt is different. Actually,

the proposed current source gate driver offers the capability

of compensating the gate current difference during the turn-

on transient as well, which can achieve similar dv/dt and

switching energies for the series-connected switches during

the turn-on transient. Since this study is aimed at achieving

the drain-to-source voltage balancing of the series-connected

switches, the turn-on transient gate current compensation is

not implemented. It should be also mentioned that the dv/dt

in the lower arm turn-off transient is decreased due to the

existence of the small RC snubber circuit (300 pF/10 �). The

proposed voltage balancing strategy is already validated in the

high dv/dt condition without the snubber circuit (Fig. 19 and

Fig. 20). Again, the employment of the snubber circuit is only

for reducing the Vds ringing for the series-connected switches

and the snubber circuit is totally not required.

To sum, based on the experimental results, the voltage bal-

ancing function of the proposed current source gate driver

works pretty well in different load current and different

switching speed (dv/dt) conditions.

E. SWITCHING ENERGY EVALUATION FOR THE

SERIES-CONNECTED GAN HEMTS WITH THE PROPOSED

CURRENT SOURCE GATE DRIVER

To evaluate the switching energy for the series-connected

switches, lower arm device current is measured by T&M

Research SDN-414 current shunt (shown in Fig. 14). The cap-

tured turn-on and turn-off waveforms are presented in Fig. 29

and Fig. 30, respectively. The turn-on and turn-off energies

of a single 1.2 kV/30 A SiC MOSFET (C3M0075120 J) under

the same operating condition (Vdc, load current and similar

dv/dt) are set as the benchmark, which are shown in Fig. 29

and Fig. 30 as well. Based on the experimental results, the

following conclusions can be made.

First, the total turn-on energy of the series-connected GaN

HEMTs is 65.1% less than the turn-on energy of a single SiC

MOSFET under the same operating condition. Due to the lack of

the body diode in GaN HEMTs, the turn-on energy is signifi-

cantly reduced (no reverse recovery energy for the upper arm
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FIGURE 29. Lower arm switches turn-on energy at 21 A load current
condition.

FIGURE 30. Lower arm switches turn-off energy at 25 A load current
condition.

body diode). Even considering the small RC snubber circuit

energy (300 pF/10 �), which is 27 µJ, the total turn-on energy

(including the snubber energy) of the series-connected GaN

solution is still 50% less than the turn-on energy of the single

SiC solution. Moreover, as mentioned earlier in the article, the

snubber circuit is totally not required for the proposed voltage

balancing strategy.

Second, the total turn-off energy of the series-connected

GaN HEMTs is almost the same as the turn-off energy of a

single SiC MOSFET under the same operating condition. It is

a fair comparison, because the switching speed (dv/dt) for the

two solutions is kept nearly the same.

Last but not least, the switching energy distribution among

the series-connected switches is not even for both turn-on and

turn-off transients. For the turn-on transient, the bottom switch

S4 generates more switching energy than the top switch S3

does, due to the difference in both the starting timing and the

slew rate of the drain-to-source voltages for the two switches.

The dv/dt starting timing difference of the two switches is

caused by the Zener diode voltage clamping. As discussed ear-

lier, the Zener diode clamping can not guarantee the consistent

off-state gate-to-source voltage. The active clamping method

will be used to solve this issue in the future prototype. For the

slew-rate difference, the proposed current source gate driver

offers the capability of regulating the turn-on gate currents

for the switches in the stack. It is not hard to achieve more

balanced turn-on energies for the series-connected switches,

which will be investigated in the future study as well. It should

be mentioned that the large ringing in the device current and

drain-to-source voltage of S2 (as shown in Fig. 29) is due

to the increased power loop stray inductance introduced by

the current shunt. If the current shunt is replaced by a short

conductor, the ringing will be much smaller (as shown in

Fig. 27). For the turn-off transient, similarly, the switching

energy in the bottom switch S4 is higher than the switching

energy in the top switch S3, due to the difference in both

the starting timing and the slew rate of the drain-to-source

voltages for the two switches. The proposed method actually

utilizes the starting timing difference to compensate the dv/dt

difference for achieving the balanced voltage sharing, so the

uneven turn-off energy distribution in the series-connected

switches is inevitable. This is a common drawback for the

so-called active gate driving delay control method [14], [33].

However, the uneven turn-off energy distribution is signifi-

cantly less pronounced for higher dv/dt operating conditions,

because the dv/dt starting timing difference is much shorter.

For the operating condition in Fig. 20, the turn-off energy

difference between the two series-connected switches is only

around 5%. In the practical applications, high dv/dt usually

occurs at heavier load conditions. Therefore, for heavier load

conditions, the uneven turn-off energy distribution among the

series-connected switches will be less pronounced. Since the

thermal design of the system is usually to fit the worst operat-

ing condition (heaviest load condition), the proposed current

source gate driver and the voltage balancing strategy will have

little impact on the thermal design in the practical power

converter system. Moreover, to further tackle the issue of the

thermal imbalance, the proposed strategy in hard switching

scenario can be utilized in the soft switching scenario as well.

When the lower arm switches are experiencing ‘soft’ turn-off,

the gate-to-source voltage of device with higher dv/dt can

be regulated around its threshold level. The reduction of the

impedance for the device can counteract the effect from the

drain-to-ground displacement current. In this way, the dv/dt of

the series-connected switches can be well matched, as well as

the thermal stress for the switches in the stack. This strategy is

already validated for the hard switching scenario in this study

(Fig. 21 and Fig. 22) and the same strategy will be investigated

for the soft switching scenario in the future study.

To sum, the total switching energy for the series-connected

GaN solution is 33.6% less than the total switching energy for

the SiC solution under the same operating condition, so the

series-connected GaN solution can improve the system effi-

ciency significantly for the applications in which the switch-

ing loss is more dominant. Meanwhile, the uneven switching

energy distribution among the series-connected switches is

not pronounced for heavier load conditions, so it is not an

issue for the thermal design in the practical power converter

system.

VI. CONCLUSION

In this article, a novel current source gate driver is pro-

posed, which addresses the voltage balancing issue for the

series-connected GaN HEMTs. The large current source on
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the primary side and the matrix transformer structure elimi-

nate the discrepancies in the gate driving propagation delay

and the gate driving loop parasitics for the series-connected

switches in the stack. The small current sources on the sec-

ondary side compensate the voltage sharing difference caused

by the displacement currents flowing through the device-to-

ground parasitic capacitances. The current-mirror-based dis-

continuous pulsed current source introduces insignificant ad-

ditional gate driving loss. Meanwhile, the voltage balancing

strategies for both soft switching and hard switching scenarios

are presented. A series-connected GaN-based multiple pulse

tester is built to validate the proposed current source gate

driver and the voltage balancing strategies. The experimental

results coincide with the theoretical analysis pretty well for

both soft switching and hard switching scenarios. With the im-

plementation of the proposed voltage balancing strategy, the

series-connected GaN HEMTs exhibit less than 10% voltage

difference under different load and different switching speed

conditions. Moreover, it is verified that the series-connected

GaN solution saves 33.6% switching energy compared with

the single SiC solution under the same operating condition.

Therefore, the series-connected GaN solution can improve

the system efficiency if the switching loss is dominant in the

system. In the future, the closed-loop control will be imple-

mented for the proposed current source gate driver to make

the proposed approach more adaptive to various operating

conditions.
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