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Abstract
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S IC spird inductors and transformers are analyzed using electromagnetic analysis.
With appropriate approximations, the calculations are reduced to electrostatic and
magnetostatic calculations. The important effects of substrate loss are included in the
analysis. Classic circuit analysis and network analysis techniques are used to derive two-
port parameters from the circuits. From two-port measurements, low-order frequency-
independent lumped circuits are used to model the physical behavior over a broad-
frequency range. The analysis is applied to traditional square and polygon inductors and
transformer structures, as well as to multi-layer metal structures. A custom CAD tool
ASTIC is described, used for the analysis, design, and optimization of these structures.
Measurements taken over a frequency range from 100 MHz to 5 GHz show good

agreement with theory.
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Chapter 1. Introduction

S ICs are finding wide application in the GHz frequency range. Modern bipolar,
CMOS, and BIiCMOS processes provide high fr transistors alowing S RF-ICs to
compete with GaAs ICs in the important low GHz frequency ranges. However, the lossy
S substrate makes the design of high Q reactive components difficult. Despite this
difficulty, the low cost of S IC fabrication over GaAs IC fabrication and the potential for
integration with baseband circuits makes S the process of choice in many RF IC

applications.

The demands placed on portable wireless communication equipment include low
cost, low supply voltage, low power dissipation, low noise, high frequency of operation
and low distortion. These design requirements cannot be met satisfactorily in many cases
without the use of RF inductors. Hence, there is a great incentive to design, optimize, and
model spira inductors fabricated on S substrates. Thistopic is addressed in this paper.

Since the introduction of Si spira inductors [1], many authors have reported
higher performance inductors on Si substrates, primarily utilizing advances in processing
technology. This has included higher conductivity meta layers to reduce the loss
resistance of the inductor [2], use of multi-metal layers to increase the effective thickness
of the spiral inductor and thereby reduce loss, the connection of multi-metal layer spirals
in series to reduce the area of the inductors [3][4], low-loss substrates to reduce losses in
the substrate at high frequency [5], and thick oxide or floating inductors to isolate the
inductor from the lossy substrate [6]. Little, though, has been written on the analysis and

optimization of these structures.

In [7] an anaysis approach is presented where an equivaent circuit for each
segment of the spiral is calculated and the inductor is considered as an interconnection of
such segments. The approach is limited, though, as many important effects are not

included. For instance, non-uniform current distribution due to skin and proximity effects



within each segment is not considered. In addition, the impedance to substrate is
calculated using a 2-dimensional approach, making it difficult to apply to arbitrary

structures or to coupled inductors.

Most past researchers have used measurement results on previously built inductors
to construct models. While this technique is most practical, it does not alow the
possibility of optimization nor does it alow the circuit designer freedom to choose
parameters such as inductance, resistance, capacitance and Q. Otherwise researchers have
used commercial 3D eectromagnetic smulators [8][9] to design and analyze inductors
and transformers. While this approach is accurate, it can be computationally very
expensive and time-consuming. This prevents the designer from performing optimization.
In this paper we present an accurate and computationally efficient approach to overcome

some of these difficulties.



Chapter 2. The Electric and Magnetic Integral Equations

In this chapter, the basic problem is formulated and the analysis technique is
outlined. In section 2.1 we examine the important physica phenomena that give rise to
inductance and other parasitic effects for passive inductors and transformers over the S
substrate. Our discussion will be at first qualitative in order to gain physical insight into
the problem. Next, in section 2.2, we examine the problem more rigoroudy. By making
appropriate assumptions, the problem will be smplified by reduction to electrostatic and
magnetostatic equations.

2.1 Qualitative Discussion of the Physics of Inductorsand Transformers

A typical spiral inductor has geometry as shown in Fig. 1. Qualitatively, the spiral
inductor consists of a number of series-connected metal segments. In each segment, time-
varying conductive current will flow due to a time-varying voltage impressed on the

segment. In addition, due to self-inductive and mutual-inductive effects (i.e. magnetic flux

Fig. 1. Layout of atypical square spiral inductor.
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Fig. 2. Frequency-dependent model of spiral.

linkage from segment to segment) a time varying emf is produced with a phase 90° leading
the impressed conductive current. Furthermore, due to the presence of the substrate and
closaly spaced metal segments, charge on each segment will cause charge to accumulate
and flow at the surface of the substrate as well on neighboring segments. This charge will
flow as a current 90° lagging the impressed voltage. Due to the finite conductivity of the
substrate, the induced substrate charge must flow through the lossy substrate, acting as an

additiona source of |oss.

The equivalent circuit of Fig. 2 can be used as amodel for the spiral. In the figure,
L(w) models the frequency dependent inductive effects of the spiral by combining all
sources of reactance that cause current to lag by 90°. It shows frequency dependence
since the magnetic field and current distributions in the segments will change due to
current constriction (skin-effect) and proximity effects of neighboring segments. R(w)
models the loss due to the finite conductivity of the meta segments and its frequency
effects are also due to current constriction and proximity effects. In addition, at very high
frequency, time retardation effects become important and R can also model the radiation
resstance. To mode interwinding impedance we use Cgr(Ww) and Rsr(W). The
interwinding capacitance is lossy since segments are not only linked through the oxide but

also through the substrate. Its frequency dependence is due to the substrate impedance.



At lower frequency, when the substrate acts like a good ground plane, the substrate will
partially shield segments from each other. But at higher frequency, due to the finite time
constant of the substrate, as well as the non-zero impedance that grounds the substrate
externally, the substrate will begin to float electrically. In this situation, the substrate will
not shield meta segments as effectively, and the effective coupling capacitance will

increase.

Finaly, Cyw) and R{(w) model the substrate current injection and reception. Cg(w)
represents the capacitance from the metal segments to the substrate; Ry(w) models the
substrate loss. Both are frequency dependent due to the frequency dependence of the
substrate conduction. At high frequency, current in the substrate can flow due to
displacement as well as conductive mechanisms. In addition, the externa grounding
circuits, typicaly bond-wires, have finite impedance. Note that the equivalent circuit is
almost symmetric. The outer segments of the spira are longer and have more volume to
support fringing fields whereas inner turns are shorter and less capacitive. The outermost
turn has additional volume for fringing fields outside of the area of the spird itself. This
would tend to make the outer port of the spiral more capacitive. The inner turn, however,
has an additional bridging segment of higher capacitance located on the lower metal
layers.

In addition to the above effects, many other higher-order effects are present. For
instance, eddy-currents flow in the substrate due to the penetration of time varying
magnetic fields in the substrate. Additionally, currents induced in the substrate give rise to
secondary magnetic fields which interact with the primary magnetic fields impressed by the
current of the metal segments. These effects can be modeled by adding additional
frequency dependent loss to R(w). The secondary magnetic fields generated by substrate
currents can be modeled by adding a secondary port to the model of Fig. 2, coupled with

coefficient k(w), which of courseis also frequency dependent.



2.2 Electromagnetic Formulation

Consider a typical spira inductor or transformer. It consists of series and parallel
interconnection of metal segments. Applying Maxwell’s equations to the conductive

portions of such a structure, we obtain [10]

c‘)EO>d|-c‘);—>d|-c‘)1$>d|-c‘Nf sl =0 ©

where E; is the applied field, J is the current density, s is the conductivity of the metal
segment, A is the magnetic vector potential, and f is the electric scalar potential. The first
term of the above equation arises from the applied field, the second term represents the
internal impedance of the segments, the third term represents external inductance, and the

fourth term is the capacitive term.

To see how the third term represents the external inductance, apply Stoke's theorem to
get

JA d . d . . d .
=— =— - =— 2
@_ﬂt >l " DAl o SdN A) xdS a QB>dS 2

from circuit theory therefore
JA dl
l=L— 3
E).”—t >d at (©)
The magnetic and electric potentials are integrals over the charges and currents in the

circuit. Inthe time-periodic case we have

Lr(x,y,z2)e ®

fxy2=Q~ per (4)
AX.Y,2) = M) J(X"ﬁp’; LRV 5)

The above retarded potentials can be smplified to static potentials since at frequencies of
interest the exponential term is nearly unity. As they stand, though, the above equations
are impractical since they involve integrating over all charges and currents, including those
that flow through the substrate. If, however, we replace the R *term involving the free-

space Green function with the appropriate Green functions over a multi-layer substrate,

10



the volume of integration reduces to metal segments containing the charges and currents.
In chapter 5 we derive the electrostatic Green function over a multi-layer conductive
substrate which can be used in (4). Hence (4) and (5) can be written

o 1
f(r,t)=akE(ﬁE(r,r')r(r')dV' (6)
AT =4 %c‘fsM (r,r)I(r)av" 0

where the index k runs through the conductors which make up the device. The above
quasi-static approximations simplify the problem greatly. From Maxwell’s equations and

the definition of the magnetic vector potential we have

N” E=-jwB
Y (8)
B=N" A
Combining the above equations we have
N” (E+jwA)=0 9)

Since the curl of the above relation is identically zero, one can find a scalar potential
whose gradient is equal to parenthetical expression of (9)

E + jwA = - Nf (10)
Using equations (10) and (7), and assuming a linear constitutive relation between J and E,

we have for each segment

J(r) jwmgo . . R
S—+$ak Qk ()G (r,r)adv =-Nf, (11)

In general, the current densitly is non-uniform across the cross-section of each segment.
The non-uniformity is due to current constriction and proximity effects. These effects
make (11) difficult to solve directly. If, however, we discretize the cross-section into b
sections of constant current density [11][12], then (11) will take on a more tractable form.

In other words assume J; can be approximated by

b
31 =AW, (12)
m=1
where |; , is current inside the sub-segment m of segment i, Tm IS a vector in the direction

of the segment, and w; ., is a function that has a value of 1/a; ,inside the cross-section and

11



zero outside, where a; nis the cross-sectional area of sub-segment m of segment i. Using

equation (12), it can be shown that equation (11) becomes [12]

6 0 1
S+ jw —“xIG(rr)dVdVI =— 0P .dA (13
gsa,m k J|SK§4pa1 ajmvcsj a"maqu

where S is the set of indices of the sub-segments of segment k. The above equations can
be smplified if we make the assumption that the potential drops across parallel sub-

segments are equal, or Df; =Df,. In chapter 5 we will show that this assumption
simplifies the above equation to
Z“||+1Wé Zitlk:Dfi (14)
k

or in matrix notation
[Df ] =[Z"][1] (15)
where the matrix [Z] has diagona entries representing the internal impedance of each

segment and the off-diagona terms represent the external magnetic coupling from
segment to segment. Equation (15) alone, though, is not enough since both the potentials
and the currents in the segments are unknowns. But the potentia at each segment is aso
related to the charge distribution by (6). We seek to find the potential of segment i, due to
a charge distribution on segment j. If we partition the segments into sufficiently small
segments i and j, we may assume uniform charge distribution and take the potential of the
segment to be the average potential over the volume. For these approximations, we

obtain

i va @BV, av, (16)

iVivy,
By considering the above integral for all combinations of segments, we generate
the following matrix equation
[f1=[PIQ] (17)
The matrix [P] is known as the coefficient-of-potential matrix. By inverting the
above relation we form the coefficient-of-induction matrix and henceforth we have the
desired charge distribution
[Q] =[c][f] (18)

Alternatively, we may rewrite (18) in terms of the potential differences as

12



[Q] =[C][Df ] (19)
where [C] is the familiar capacitance matrix. Charge conservation at each segment implies
that

DI, =Q = jwQ (20)
where DI, is net current flowing into segment i which must equal the rate of change of
charge depositing on the segment. Thus

DI, = jwQ = jwe'[C][V]® &' [Z°][V] (21)
where e is the unit vector with one in entry i and zero everywhere else, and [Z9] is the

capacitive impedance matrix. We can account for the finite conductivity of the substrate
in the capacitive impedance matrix calculation as follows. From Maxwell’s equation we

have
- S
N~ B:jWD+J:jWD+SE:jW(e+j_W)D:jWGEﬁD (22)

where we have defined an effective frequency-dependent complex permittivity. If we use
this effective permittivity in deriving our Green function, then the losses due to the finite

conductivity of the substrate will be accounted for by the real part of the Z© matrix.

Equations (14) and (21) form a complete system of equations which can be solved at each

frequency to obtain the voltages and currents in the segments.

13



Chapter 3: Circuit Analysis

In the next two chapters we will show how to extract circuit parameters from the
geometric layout of an inductor or transformer. In this chapter we will consider the
interconnection of these various conductors and the resulting current-voltage

characteristics of interest in the design of circuits.

3.1 Circuit Equation Formulation

From a circuit point of view, equations (2.14) and (2.21) can be interpreted as shown in
Fig 1. To derive the 2-port parameters of such a structure, we must solve the circuit
equations by selecting an appropriate number of independent equations, using for instance
nodal or loop analysis. Let us consider the topology of the network in relation to the
spirdl. For atypical p-sided spiral of n turns, there are s=n" p segments. Each segment
has one branch associated with the series inductance and resistance, and one branch
associated with the substrate impedance. Assuming a dense capacitive coupling
impedance matrix, then this adds an additional s(s-1)/2 branches of lossy capacitors from
segment to segment. Hence, the total number of branches B = (st1)(s+2)/2. The total

number of nodes N in the circuit is smply one plus the number of segments, or s+1.

Zcj+1j+2

|k

o« Lj-l Rj-l '*."""Lj Rj “0 LJ+1 Rj+1

%Qm G % Cj, % % Ci+1s Gt —
Rj-l,sl Rj.1,52 Rj, RJ+151 RJ+1§

Fig. 1. Equivalent circuit model of spiral segments.
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Consequently, the total number of fundamental loops L in the circuit equals L=B-N~O(<°).

Although loop equations are a more natural formulation, due to the mutua inductive
nature of the circuit, the number of required equations is one order of magnitude larger
than the number of node equations. Hence, noda anayss is the method of choice.

Writing the nodal equations at node j results

Vi oV, oV
—Lra=t-a=t+1.-1,=0 (1)
Zo el w2y

In the above equation, V; is the voltage at node |, |; is the current flowing into segment j,
Zﬁ( is the lossy capacitive impedance coupling segment | and k. The above equations
involve the voltages and currents in the segments, similar to modified nodal analysis. The
voltage across each segment is related to the currents flowing in the segments by

[o]
Vj - Vj+1 =a Zijlk (2
K

where Zij is an entry of the symmetric inductance matrix Z-. The diagonal terms

represent the internal impedance of each segment whereas the off-diagona terms represent
the magnetic coupling between segments. The above system of equations yields an
invertible complex frequency-dependent matrix. Since there are 2s equations in (1) and
(2), the system can be solved directly using Gaussian elimination with pivoting or LU

factorization, in time O((2s)®). However, the matrix naturally partitions into four square

matrices as
é&v¢ D' Wi élu 3
a @ 0=a
éD - ZLCEIH . sg

Y€ isamatrix with elements
-1

=-c
Z

%]

1

(4)

D isan upper-triangular band matrix with its diagonal entries as 1 and with super diagonal
entriesas-1. Rewriting (3) we have
(YC+DTY'D)V =1 _+DTY"V, (5)

| =Y"(DV - V,) (6)

15



where Y" =(Z")* is the inverse of the inductance matrix. As we will see later, Y'is
known a priori and no explicit matrix inversion needs to be performed. In addition, due to
the simple structure of D, the matrix products involving D and its transpose can be donein
O(s9). Hence, in forming (5) and (6) no explicit matrix products need to be formed.
Thus, we can solve (5) by using an LU decomposition of (Y© + D"Y"D) and then solve
(6) directly for I. Therefore, the solution of (3) is dominated by one LU decomposition of
an s’ s matrix, which can be performed in time O(s®). This is more than eight times faster
than solving (3) directly.

3.2 Low-Frequency Network Analysis

In the previous section the complete matrix inverse was found for a dense
capacitive and inductive matrix. In practice, it is not uncommon for the capacitive matrix
to be sparse, especidly if the approximations are employed. In this case, sufficiently far
from self-resonant frequency, one can obtain the two port parameters for the entire spiral

in O(n) time.

The approximation is to treat each segment of the spiral as an effective two-port.
Clearly, each segment is not a two-port since it interacts with al other segments both
capacitively and inductively. Far from self-resonance, though, the segments act
inductively and negligible current will flow through coupling capacitors and into the
substrate. Using this approximation, equation (4.19) becomes

V, » Sea Z-+ 4 ijikgl =7 (7)

Eic ki G 1]
where | is the total AC current driving the spiral. This approximation yields an effective
series impedance. In addition, if we neglect al mutual capacitive coupling except for
segments which neighbor one another, or in other words if we only consider turn to turn
interwinding capacitance, then each turn of the p-spiral can be considered as a cascade of

p effective segment two ports. Fig. 2 illustrates thisidea. Each segment is represented by

16



a pi-circuit smilar to Fig. 1 but the lumped impedance and admittance of segment i are
given by
L = Im[zil,_eff R = Re[zil,_eff (8a)
C,; =31m[Yg] R, = 2Re[Y] (80)

lumping the mutual inductive effectsin L and R. The ABCD parameters of the segment

are given by [13]
Y,
A=1+-—+= (99)
Vs
1
B=— (9b)
Vs
Czy +y, +22 (99)
Vs
Y1
D=1+ (9d)
Vs
where

Fig. 2. Equivalent two-port representation of a single turn of a spiral.
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e Ys = JaL + R

jwe, T

(10)

Utilizing the above equations, the cascade of p two-ports can be performed to find
the equivaent two-port for one entire turn. The resulting two-port ABCD parameters are
converted to y-parameters, since the effective turn-to-turn capacitance appears in shunt
with the turn two-port matrix. After performing a similar calculation for each turn of the

gpiral, the overall y-matrix parameters can be derived by cascading al the turns of the
spiral.

The above approximation works well far from the self-resonant frequency where
the approximation made in equation (7) holds. This approximation may be refined near
resonance in an iterative fashion as follows. First, we perform the above described
computation, and as matrix multiplication is performed, we save the results of the node
voltages Vi. Then we begin an iteration where we repeat the above calculation with the
following modifications. First, in computing the effective series impedance of each

segment, we utilize (4.19) directly where |, is given by

|n=l-é—i-é_ - (12)

The above equation is exact and is derived by KCL, where | is the total current
injected into the spiral, and the first term subtracted represents current lost to the substrate
and the second term represents current flowing through the interwinding impedance.
Although the V; are unknown, they may be approximated by the previous iteration. The
above iteration is performed until sufficient accuracy is obtained. This provides the two-

port parameters of the spiral in O(n) time.
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Chapter 4. Inductance Matrix Calculation

In Chapter 2 we de-coupled the electric and magnetic field calculations. This
simplified the inductance matrix calculation tremendoudly. In this chapter we will outline
some practical technigques to calculate the inductance of metal segments which constitute
our inductors and transformers. Although we will use the term inductance fregly in the
following discussion, we often mean partial inductance rather than inductance. The
important difference between these two terms is explained [14]. The distinction, though,

should be clear in context.

First, we will tackle the calculation of inductance at zero frequency, when the
current distribution across the width of our conductor segments is uniform. This leads
naturally to the Geometric Mean Distance (GMD) approximation which is used widely.
Next, we consider the problem at high frequency, when the current in the conductors
becomes non-uniform. We aready alluded to this earlier in our discussion in Chapter 2
where we proposed to approximate the conductor by finitely many constant current
sections. This leads naturally to the concept of calculating the inductance matrix, with
diagona entries corresponding to the impedance of each metal segment and off-diagonal
terms corresponding to mutual inductive coupling. The matrix is naturally symmetric, due

to the reciprocal nature of the physics.

4.1 Geometric Mean Distance Approximation

If we apply the free space Green function to equation (2.13) we obtain an

expression for the mutual inductance between segments

m Ii le
M, = dv'dv 1)
' dpaa, -]

I vy,
which may be evauated to yield the mutual inductance matrix. By employing the GMD
approximation, we can compute the self and mutua inductance of an arbitrary

arrangement of conductors in closed form. Fig. 1a shows two infinitesimally thin current

19
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Fig. 1a. Layout of current filaments. Fig. 1b. Cross-section of rectangular metal segments.

filaments of length | separated by a length d. The mutua inductance between these
filaments may be evaluated in closed form using equation (1). Theresult is given by [15]

— 571047 |7 & 80 | 86_19 gy
M(l,d)=2" 10 g ,/1+%d +ie 1+ G +|3 )

where lengths are given innm and M isin nH. For atypica geometry of interest, | >>d,

.2

hence we neglect the term g% . Thisleadsto

M=2"10"%" 1" (Iﬂ- In(d) +In(21) - 1) (3)

In order to find the mutual inductance between two equal length conductors
separated by a fixed distance with arbitrary cross-sectiona areas, we compute the
following integral utilizing equation (2)

Mue = @M(l,d)dA,dA, (4)
AnAg

If equation (3) is used as an approximation, then d is the only variable under
integration. Integrating equation (3), the first term leads to the mean distance between the
two cross-sectional areas, or the Arithmetic Mean Distance (AMD). The second term
leads to the Geometric Mean Distance, or GMD, the mean of In(d) as d takes on the

distance between all points within the two cross-sectional areas.

For self-inductance, we average equation (3) over the area of a single conductor.

This leads to the GMD and AMD of an areafrom itself. For arectangular cross-section of

20
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width w and thickness t, this integra may be computed exactly, but the following
approximation offered by [15] serves well

L=2"10""1" @n * + 05y 5
S W+t9o SH ©)
To compute the mutual inductance between two rectangular conductors shown in

Fig. 1b, we must calculate the GMD and AMD. The GMD isfound by integrating

AXog(y- ¥)? +(z- Z)?dy dz dydz (6)
A A

The above integral can be evaluated exactly [11] by observing that

T"Ry-vY,z- Z) _ 5
oty =YY (- 2))- U
where
F(y,z)—(y 24 2 ) in(y? + %) - (y tan y+ztan 32’) ©)

Using the above observation for the geometry in Fig. 1b, equation (6) evaluates to

z
z,|™

25
T —WW,tt, 9

1)’32
1lz

For the case of infinitely thin conductors, the above simplifiesto

'§W1Wz+ a mktan® 5 J'tan'l—-)+ a —(Iog(l+ ) Iog(1+k—2))+
2 k=b.g;j=a d M =bg;j=ad m’
a E((mz+k2)log el (m? + j?)log 1+k—2)
k=b.g;j=a d 2 118 m?
where

a°d+w,b°d

(10)
ged+w,d°d+w +w,

where d is the horizontal distance between the conductor inner edges and miis the vertica
distance between the conductors. Although equations (9) and (10) are complex, they can
be handled effectively by computer analysis. Further simplifications to the geometry of

(10) lead to simple equations. For instance, for equal width conductors of negligible
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Fig. 2. Cross-section of multi-rectangular metal segments.

thickness, (10) takes on a ssimple form. The GMD for these smple cases can be found in
[15]. Alternatively, simplifications such as power series expansions or polynomia

approximation may be used.

We have found the GMD of two equal length parallel conductor segments. These
results may be used to build more complex cross-sections by using the rules of GMD
found in [15]. Consider the N conductor cross-sections shown in Fig. 2, each cross-

section i has an area Aj and a GMD to itself Rjj, and a GMD to other cross-sections R;j.

If we assume that the N cross-sections form a new cross-section, then we would like to
find the total effective GMD of this cross-section to itself. The new GMD of the total

conductor from itself Rgis given by

logR, =— ’Zly (11)
(@ A)?

In the above equation, the Rjj may be calculated by equation (9). Furthermore, for the

above system of N cross-sections, we can find the effective GMD to a system of M other

cross-sections of area B, shown in Fig. 2 by the following

J ! o)
a Aplogga B log Ry 4 =
_ pa1 k=1 a9
logRy \ =

TR (12)
a Aa B,

p=1 k=1
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Fig. 3. Layout of polygon spiral.

where Rg , isthe GMD from By to A,. The above equations can be used to calculate the

GMD of more complex cross-section. Using the GMD, self and mutual-inductance can be
calculated using (2).

The above discussion has concentrated on equal-length parallel conductors. This
is an important special case as it occurs frequently in the analysis of spirals. As shown in
Fig. 3, the layout of atypical non-rectangular spiral contains many segments which are not
parallel. But the set of segments which couple most strongly tend to be parallel; such a
typical set is highlighted in Fig. 3. The lengths of such segments are not equal, and more

N~
p
| T
<—d m
A
q

N

Fig. 4. Layout of non-equal length current
filaments.
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complicated formulas may be derived for such a case [15] [10]. Alternatively, the GMD
of non-equal length conductors can be written in terms of equation (2). For instance, by
symmetry arguments [15], for the non-equal length segments shown in Fig. 4, the
appropriate equation is a combination of three equal length filaments

2M = M(m+ p,d) + M(m+q,d)- M(p,d)- M(q,d) (13)
where M(l,d) isgiven by equation (2).

For non-parallel conductors, the concept of GMD may be used but equation (4)
becomes difficult to evaluate in closed-form. Since segments which couple most strongly
tend to be parale and closely spaced in a typical spiral, whereas non-paralel segments
tend to be distant, we may assume that the magnetic field generated by such segments is
equivalent to the magnetic field generated by a current filament flowing through the center
of such conductors.  With this approximation, the mutual inductance between
infinitessmally thin filaments in arbitrary geometric relations to one another may be found
using Neuman's formula or other techniques and such formulas appear in [15]. This
approximation improves if we divide the cross-section of a conductor into many sub-

sections to obtain the frequency-dependent current distribution [14].

4.2. High Frequency Current Constriction and Proximity Effects

As discussed in section 2.1, the current distribution at high frequency ceases to be
uniform through the cross-section of the conductor segments and hence the GMD
approximation fails at high frequency. The non-uniformity in the current distribution is
not only due to the skin effect, but aso due to proximity effects of neighboring current
segments. Hence, although many past authors [16] have analyzed and developed closed-
form equations for current constriction in an isolated conductor, these results are not

directly applicable to the spiral inductor due to proximity effects.
In [11] a nice technique is developed to handle this problem without abandoning

the closed-form equations already developed in section 2.2. In essence, as shown in

equation (2.12), the current distribution in the conductor can be approximated in a step-
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wise fashion by breaking up each segment into sub-segments. Although this technique is
general and accurate, it is computationally expensive. Consider a typical 10-sided spiral
with 10 turns as an example. Such a spiral has 100 segments, and if we were to further
divide each segment into 5 paralel segments, this would involve 500 segments, and a
corresponding 500" 500 matrix inversion. To aleviate the demand on computational
resources, we will assume that the segment current distribution is only influenced by a
small set of neighboring segments. For atypical planar spiral, this might involve only two
neighboring segments.

We re-derive the results presented in [11] with this approximation in mind. For a
set of N segments, let the (i,j) segment represent the jth sub-segment of segment i and let
N; denote the number of such sub-segmentsin segment i. Let I;; be the current in the (i)
segment, and let |; be the total current in segment i. With this notation, the voltage across

the (i,j) segment is given by

o=z

N Ny
Vv, = a_ (10 + JWLj ) L (14)

k=0 m=1

i

In the above equation r; is the resistance of the (i,j) conductor, d; isthe Kronecker delta-

function, and L

ij,km

is the mutual inductance between sub-segments (i,j) and (km). Let G

denote the set of segments in the neighborhood of segment i, or the set of segments which
influence the current distribution of segment i [17]. Equation (14) may be broken up as

follows
] gk ]
Vi :VijL +VijG =a A Zjmle T A WL, (15)
ki G mel KiG

Inverting the first term corresponding to the local voltage at segment (i,j) we obtain

Nk
o o]
Iij = a a Yij,kmvklr_n (16)
Kl G m=1
The total current in segment i is given by
Yoo bk
l; = I = a ij,kakIr_n (17)
j=1 KIC j=1 mel
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If we make the reasonable assumption that the voltage across each sub-segment (i,j) is

independent of the index j (aswas donein [11]), then (17) becomes

N
[e] o] [e] o]

L=aVed A Y m=a VY, (18)
Kl G j=1 m=1 Kic

Equation (15) may be rewritten as

V=& Zhl + A jwL, ], (19)
K C Ki G

Repeating for all i, one generates the desired matrix equation. The above
technigue involves one matrix inversion going from equation (15) to equation (16), and
another matrix inversion of reduced order going from (18) to (19). The latter matrix
inverson can be neglected, since the matrix is small. Assuming matrix inversion is the
most computationally intensive operation, and that it is done O(n®), whereas the original
technique presented in [11] is O[(n" p)°], where n is the total number of segments and p is

the average number of sub-segments, this technique is O[n" (" p)®], where q is one plus

the average number of neighbors for each segment. Hence this techniqueis n?/q® faster

and demands n?/q? less memory to store the matrix. For the example given earlier, a 10-

sided 10-turn spiral, with two neighbors and five sub-segments per segment, this means

this technique is 370 times faster, and more than 1000 times less memory intensive.
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Chapter 5. Capacitance and Substrate Loss Matrix Calculation

Although undesirable, all passive devices on the S substrate suffer from substrate
effects. The inherent capacitance between metal segments and the substrate leads to self-
resonance at higher frequencies. After self-resonance, the inductors and transformers
appear capacitive and fail to function as inductors. Hence, the highest frequency of
operation islimited. Also, due to the finite conductivity of the substrate layers beneath the
inductors and transformers, currents are induced in the substrate electrically and
magnetically. These currents act as an important additional 1oss mechanism which limits

the frequency of operation and the quality factor at high frequencies.

5.1 Capacitance Matrix and Approximations

In chapter 4 we found the GMD approximation to be very useful, as it allows one
to bypass equation (4.1). The approximation lies in the assumption that the current
distribution is uniform across the cross-section of the conductor.  While this
approximation is true at low frequency, it fails at high frequency due to current
congtriction and proximity effects. But as discussed before, we can aways partition the
cross-section into uniform current sections, as in equation (2.12), to approximate the

physics at higher frequency.

Although the same approximation is used for the capacitance calculation, the
partitioning of the segments into constant charge sections requires a lot more divisions to
retain sufficient accuracy. Thisis due to the edge effects which cause high charge density
at the edges of the conductors and large charge density variation near the edges. Non-
uniform segment divisions help, but the basic problem remains. In addition, edge effects
are important even for calculating capacitance at low frequency whereas current

constriction and proximity effects are only important at higher frequency.

The substrate and coupling capacitance can be estimated using two dimensional

approximations. Much work has been done in determining the capacitance of coupled
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transmission lines in even and odd mode. The classic work of [18] gives closed form
relations for these capacitors, but can involve lengthy numerical calculations. The work of
[19] gives empirica closed-form equations which are suitable for computer applications.
For most cases, the capacitance matrix can be approximated by a band-matrix by
considering only the nearest neighbors in the coupling problem. This can be used to

smplify the matrix inversion.

For an arbitrary arrangement of conductors, empirical methods or numerica
methods must be employed. For instance, in [20] empirical formulas appear which alow
one to find the capacitance matrix very quickly. Three dimensional numerical techniques,
on the other hand, are computationally expensive. If the problem is constrained to two
dimensions, fast numerical techniques are available. One such technique is the Method of
Pipes [21]. In this finite-element technique, the electrostatic integral equations are
developed with the edge effects in mind, necessitating fewer divisions at the edges of

conductors.

The biggest drawback to many of these techniques is that they avoid the important
effects of the conductive substrate. Pairs of segments not only couple through the oxide,
but also through the conductive substrate. This can be represented as a lossy capacitor.
Depending on the frequency of operation, the substrate coupling can be significant. Of
course, it is of paramount importance to include the substrate loss of the capacitance to
substrate.  Many previous papers have assumed this resistance to be constant, an
approximation which fails at high frequency. Due to displacement current in the substrate,
the effective substrate impedance is a function of frequency. For an accurate
characterization of these effects, (2.16) must be solved. A full treatment of the substrate

problem follows.
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5.2. Derivation of the Multi-Layer Green Function

To derive the electrostatic Green function in a multi-layer substrate, consider a
point charge placed at (X',y',Z) in layer k as shown in Fig. 1. The Green function must
satisfy Poisson's equation in layer |

NZG(X,y,Z,X',y',z') - - d(X- X')d(;/- y')d(z_ Z') (1)

where we assume that layer k has a uniform permittivity of e,. Let

G = X(x,x)Y(y,y)Z'(z,2) inthe above equations thus resulting in

d?X d2y d?z'  d(x- x)d(y- y)d(z- Z)
' Z'X + XY =- 2
vz e dy? dz® e, @
Assume X = cos[ ] Y = cos[anpy] in order to satisfy the boundary condition of zero
a

normal E-field on the side walls. Making these substitutions results

s 3 npy. €d’Z' mp o’ LEPO 0_U  d(x- x)d(y- y)d(z- )
1 - 1 -
n?:Or?:OCOS[ ] cos ]gdz gg a o % b o ﬂzg_ €

3)

A
o}
v
N
1
o

/ b 7= -dy . source point
. field point
& 1 2= -0,
e ° -—z:-d,
€ ¢ z=-d
&

Fig. 1. Geometry of Multi-Layer Substrate.
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By multiplying the above equations by cos[ ] cos[ ] and by integrating over x and y

chip dimensions we get

ab &%z’ B%Empo ampoOO d(z- 7) mpX' npy"'

Z' 4

4§dz egaﬂ %bﬂgg e, cos[a]cos[b] “)

By defining Z' (z,2 ) = Z(z,2' ) cos| mpx ]cos[ ]and substituting in the above equation
a

we get a simple second-order differential equation

ab d? zZ 0.2)=- d(z- z2) (5)
k
mp., NP, ; :
where g, :\/(—) +(?) . For z1 Z the above equation has the genera solution
a
Z =bsinh[g,, (d+2)]+Gcosh [g,, (d +2)] (6)

Hence, in each layer, the solution must be of the above form. In particular, in layer k the
solution is of the form

z =(by'snh[g,, (d+2)]+G" cosh [g,, (d +2)]) {," (Z) (7.a,7.b)
where the superscript u and | distinguish between the upper and lower solutions,
depending if the observation point is above or below the point charge. The potential must

be continuous at z = Z , and the first derivative discontinuity can be found by integrating
equation (5) for mn > 0.

dZ z'+d 4
Z@2)=242) =g (8.a.8)
z-d k

Using these two conditions, one can solve for the Z dependence of the potential
4[bY" sinh (g, (d +27')) +G" cosh (g, (d +2)]
abekgmn (qublk - leb:)

In any other layer, the solution takes the same form as (7a) or (7b), depending on

f(z) = (9.2,9.b)

whether the observation layer j is above or below the point charge. Boundary conditions
imply that the Z dependence must be the same as in the layer k. Hence, the most general

solution for the z dependence of the potential is
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4 (bj'tanh J, +G")(b;"tanh I +G")
abekgmn (qulk - Glbi)

where J,  =g,,(d- z, ). Here we introduce the notation of the field point z; = zand

ul —
jk

cosh J, cosh J (10.8,10.b)

the source point z, =z'. The coefficients b, and G, till need to be determined. Even

though we have two constants, only one is independent. By examining equation (7), it is

clear that either b, or G, can be factored out and absorbed into the Z dependence. Due to

the boundary condition at z = -d, i.e. zero potentia at the back ground plane, we must

chooseb, =1, G =0. Furthermore, for each adjacent layer, the following boundary
conditions must hold at the interface

dz,

dz
i 6, —X k-1
z=- dk dZ

= ek— 1 dZ

z=-d, T k-1

Z,

(11.3,11.b)

z=-dy z=- dy
The above pair of equations lead to a recursion relation that adjacent layer coefficients
must satisfy

a6 @ “ccosh’J, - sinh®J, %1 1)sinhJ, coshd , Oab, ,6

- = e e . . = g 12
8GKQJ g(l- 1) (7 - 1)sinhJ  coshd coszk-e;TlsnthkbgGK_lﬂ (12

By employing the above recursion, we can find the coefficients in any layer below
the point charge layer k. Similarly, at the top layer, we impose the boundary condition

dz
dz

=0 (13)

z=-dy4 =0
Thisimplies that the top layer coefficient valuesare b, =0,G, =- coth (g,,d). Using the

top layer coefficients, and using the inverse of (12), we can recurse downwards from the
top layer to any layer above the point charge layer k. Hence, al unknowns have been
determined. Therefore, for the case of m,n > 0 we have

oul = g g 4(b* tanhJ ; +G")(b,“ tanhJ +G")
ik

mpx npy npx' < npy'
el n=1 abekgrm (G!Sbkl - Glibku)

coshJ , coshJ cos COS——COS co
a b a b

(14)

For the case m=0, n>0, or (n=0, m>0) the form of (14) remains the same except

the factor 4 changes to 2 and we have a single summation instead of a double sum. For

the case m=n=0, the original differential equation (5) has the genera solution
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Z, =B.z+G,. Applying boundary conditions to adjacent layers results in the following

recursion relations

G, :(e—- 1)d,B,_, +G,. (15.a,15.b)

iTi-1

To satisfy boundary conditions at the back-plane, we have B, =1,G, =d. To satisfy the
top-layer boundary condition (13), By =0P B'=0"j1 L,, (upper layers). In

addition, G =G" " j TL By applying the fact that the potential must be continuous

upper *

across the point charge, and by integrating the differential equation (5) we find

A
ado BJ 8 9+G|U
zs o
(Z Z) _W (16.8,16.b)
k =k

The Green function derived above is represented as a double infinite series which
converges lowly. In practical applications, we need a way to evaluate the Green function
at many different points in the substrate, thus necessitating a technique for fast evaluation
of (52). In[22] atechnique of representing (14) as a Discrete Cosine Transform (DCT) is
shown. We will use the same technique, and for continuity we will summarize the work of
[22]. We begin by integrating the Green function over the surface of a contact. Equation
(2.16) becomes:

J AN\

i . 1dS;dS a7
SISJ S;S b

Tofind p,;, = f. /Q,, we integrate (14) and (16) over the surface of contactsi and j with

coordinates given in Fig. 2. Thisresultsin

_(B"{z2}+G") & & a’h’ §(sin(mp %) - sin(mp 2))

pi,j - abe. BI + glnal kmn i ~mn m> 2p4 g (a _ al) (18)
(sin(mp %) - sin(mp ) (sin(mp ) - sin(mp ) (sin(mp ) - sin(mp b))g
(a 4 " aa) (bz bl) (b4 bs) a
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in the above equation C,, =0, C,, =C,, =2,and C,, =4" mn>0. And

1 (b"tah J, +G")(b"tanh I, +G")
abe,g,, (Gb; - Gb})

cosh J, cosh J (19)

mn,ij -

where the subscript s denotes the source point (with z coordinate of the contact in layer j),

and the subscript f denotes the field point (with z coordinate of the contact in layer i).

By using the identity

sin(mp %) sin(mp ) = 4 (cos(mp *3) - cos(mp 7)) (20)
eguation (21) can be cast into a sum of 64 terms in the form
8 & %, cos(mp2%) cos (np 22 (21)
where
LS (22)
mnp

If we discretize the substrate space in the x-y directions, and represent the

coordinates of the contacts as ratios of integers such that
a P'b Q

then (21) can be recast as

R1Q1
o + +
a a X Cos(n.p P12 Pp3,4)cos(np Q1,2QQ3,4) (24)
m=0n=0
a31b4 a4,b4
Contact
ay,b, &,h2 )
3s,bs au,bs
y [ Contact i
)z a_,b]_ &lbl

Fig. 2. Contact Coordinates
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As (24) stands, it cannot be considered a DCT. However, using the following

properties of the DCT allows one to compute (23).

P-1Q-1

X =8 cos(mp %) cos(np &
pg 2020 an S( p P) S( p Q) (25)

K. pa — xp,ZQ-q = Xop. p.2Q-q — Xp,q
The Green function can therefore be computed rapidly by employing an FFT to
compute the DCT.

The following list summarizes our agorithm for extracting the substrate parasitics.

A. For A Given Technology

Input: Substrate layer data (thickness and dielectric constant and resistivity)
Input: Metal layer z-coordinates
For each pair of metal layers i and j, compute the Green function using the DCT method

and store results. Due to symmetry of the Green function, for N, metal layers, this

requires N, (N,+1)/2 DCTs.

B. For A Given Layout

Input: Contact x, y, z coordinates
Form matrix [P] by accessing DCT of the Green functions
Invert [P] matrix using LU factorization

Form impedance matrix

Step A need only be done once for a given technology. This saves computation
time since step A can be computationally expensive. For three metal layers, 6 2D DCTs
need to be performed. Using the FFT, this operation is O( p? log p*) where p represents
the accuracy required. For atypical substrate dimension of 1024mm =~ 1024mm, a 512 °
512 DCT suffices. This sets the minimum meta trace width at 2nm. Once step A is
performed, step B uses the pre-computed Green functions to build the p-matrix. In other

words, computation time is dominated by O(n®) where n represents the number of




contacts, not the DCT size. Although the accuracy of the method depends on the grid size
of the DCT, this only affects step A, which is performed once, and not step B, which is

performed many times,

5.3 Implementation of Numerically Stable Green Function

Although the derivation of section 5.2 is straightforward, the actual numerical
implementation poses many problems. For large values of n and m, and deep substrate
contacts, tanhJ ® 1 and coshJ ® ¥ . Furthermore, for each term (tanhJ + G/ b), the
ratio G/b ® -1 so that the numerator factors of equation (10) approach zero. The
denominator of (10) also approaches zero. The product of the ratio and the hyperbolic
factors must converge to zero as a whole, due to the physical nature of the solution, but
with finite precision it is very difficult to accurately calculate equation (10). The above
equations, though, may be recast into more numerically stable forms as follows. We begin
by rearranging equation (10a)

&b tanhJ ; +G')6b, tanhJ +G')(b, tanhJ .+ G)) 0
g " 2 T T coshJ, cosnd .
(b, tanhJ ; +G/) Gb, - Gb, 7]
(26)
Notice that the we have separated the equations into a factor with only the source layer k
o . . G b, .
and a factor involving an upper recursion of j,k. We define r, = b! = E to smplify
notation. We aso rewrite (12) as follows
ab, 0 %L - tanh?J %1 . 1) tanhJ Oab o} ab, 0
C 'f+=costhk§ el “ o 1) , —costhk[AK]g (27
eG o (1- =*)tanhd, 1- o tanh*J GK 1 eG.,o
ab' & '('j
——Ocosth A, ]g (28)
eGk p=1 Gb

From the above, we define new coefficients as follows
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%IO e IO
¢~ =0[A]le<* (299)
eG g pa eG o

and smilarly
a0 ~uo
G~ O[ (29b)
eGK o p=k+1 GNﬂ

Using the above definitions, we rewrite (26) as

retanhd , +2)(tanhJ _ +r, b tanhJ +Gu 0
Al f1 r)“(r' : )coshJ coshJ gb n 2 ¢ (30)
Kk (b, tanhJ +G“)gOCOShJ
p=k+1

We will now treat each factor separately. We begin with the first factor in

equation (30). The following recursion relations are derived from (12)

| (1 q.)tanhJ, +(1- g, tanh*J k)rkl

1
“ (q - tanh®J )+(qk - 1) tanhJ rk 1 (3 )
u— (pk B tanth k+1)r E+1 + ( Py - 1) tanhJ k+1 (32)
“ (1' pk)tanh'J k+1r Ig+1 + (1' pk tanhz‘] k+1)
€. e . . N . .
where p, = ek L, :f. Using (31) and (32), and substituting into the first factor of
k k
(30) gives'
(R1I<-1 +Qk tanh(J s - J k))(ngle + Pk tanh(J f o J k+1) COSh(J s J k)COSh(J f o J k+1) (33)
O R - Py Rl|<—l +tanh(J, - J,,,)(PYy - R;+1Rtl<-1) cosh(d, - J.1)
where

|- tath k+1 + rkl (34)
R = Trtanhy el
1+r  tanhd,
r, +tanhd

u

(35)

The above equations satisfy the following recursion relations and terminating

conditions

! This follows after much algebra.
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_ RL—l +qk tanh(‘] k+1 ~ J k)

(- , I = tanhJ 36

Rk RL_ltanh(J K+1 J k)+qk RO ' ( )
Yot p tanh@, - J

R; _ Rk+l P« ( k k+l) R,L\Jl = COth(vJ N T J N+l) (37)

SR tanh(@y - )+ R
Using equations (36) and (37), (33) can be rewritten as

(R +tanh(J . - J . ))(R +tanh(J , - J,) cosh(J - J,,)cosh(d; - J,)
T R-R +tah(d, - J )RR - 1) cosh(d, - J ny)

F

(38)

The above equations may be evaluated in a numerically stable fashion since
equations (34) and (35) are numericaly stableas J ® ¥ . Equation (38) is valid for field
points above the source point charge (upper case). However, due to the symmetry of

eguation (30), equation (38) can be rewritten for the lower case by inspection.

What remains is the second factor in equation (30). We may caculate this
indirectly by using (34) and (35) aswell. Rewriting (35) asaratio:

- NIS — (1- tanh‘] k tanh‘] k+l)( pk tanh(‘] k 'J k+1) Dk+l + Nk+l)
D, (1-tanhJ, tanhd,,,)(tanh@, - J,,;)N,.; + P, Dy.1)

R¢ (39)

The common factor is not canceled for a good reason. When calculating (35) as a ratio,
this factor does not play an important role since it always cancels out. But if we wish to
calculate N, recursively, thisfactor isimportant. Let us observe that
N1
N=(1- tanhJ, tanhJ ,,)(p; tanh(J, - J ;) Dysy + Nyiy) = (__)k (1- tanhJ  tanhJ ,,) Ny
p (40)
In equation (40) n, is the numerator of (34), calculated recursively without the factor of
(1- tanhJ jtanhJ ,,). By using the above definitions, the first factor in equation (30)

may be rewritten as

n' cosh@ - J,,,) coshd,,, A coshJ coshd

J

ﬁku COSh('J f o J k+1) coshJ j+1 p=k+1 COSh('J p - J p+1)

(41.9)

where ij'is the numerator of (39) modified so that J; =J . A similar anaysis for the

lower case gives
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Al cosh(J - J;) coshd, i coshd , coshJ .,
A, cosh(d, - J,) coshd, 7 cosh(d - J,.))

i p=i

(41.b)

Utilizing the above results, the complete upper Green function z dependence can
be rewritten as
U 4Fku(zf ’Zs) E COSh('Jf -J j+]_) coshJ K -
e abekgmn ﬁku COSh('Jf -J k+1) coshJ j+1

A4 coshJ coshd ., (42.8)
O o, - 3,,) 7 )0 - )
and the lower case can be written as
D 4F(z;,z,) A} cosh(J, - J;) coshJ, |
" abeg,, M coshd, - J,) coshl,,, o

& coshJ  coshJ
p=j cosh(J - J,.1)

cosh(J; - Jy,,)cosh(J - J,)

The above equations are numerically stable and may be used to implement the algorithm

presented in section 5.2.

5.4 |C-Interconnect asan Example

In this section, we illustrate the above described techniques with examples. We
start with the simplest possible example of a single metal contact in two hypothetical Si IC
processes. The first process, shown in Fig. 3, consists of a thick highly doped substrate
and a thin lightly doped epi (such as a typical CMOS process). The second process,

Ru=25Wsg [Re=25wsq |
&=39 t=1mm e,=39 t=1nmm
€=3.9 t=1nmm €,=39 t=1nm
I =100 KW-mm t=5mm r -=500 W-rm t=1mm
I = 100 W-mm t = 300mMm I o= 100 KW-mm t =300Mm
| |
Fig. 3. Lightly/Highly Doped Epi/Substrate Fig. 4. Highly/Lightly Doped Epi/Substrate
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shown in Fig. 4, consists of athick lightly doped substrate and a thin highly doped surface
layer (such as a buried layer in a BICMOS process). The oxide thickness and metal sheet
resistivity are the same in both processes. We use a metal contact with alength of 100 nm

and awidth of 10 mm located at approximately the center of a256 nm~ 256 mm chip.

Using the algorithm described in section 2, we compute the impedance of the
contact. In our case, we subdivided the contact into 100 internal divisions. Figure5isa
plot of the magnitude and phase of the contact impedance for the two processes. At
increasingly higher frequency, the contact presents a lower impedance due to the
capacitive nature of the substrate current injection. The contact has a lower impedance in
the first process due to the highly doped bulk substrate layer. On the other hand, the
impedance of the second process is very sensitive to the presence of a substrate tap®. As
shown in Fig. 5, when a 10 mm = 10 nm substrate tap is located 30 nm away from the

contact, the impedance drops to a value below that of process 1. The impedance drops

1.E+05 ——Zmag Proc 1 -50
—o—Zmag Proc 2
——Zmag Proc 2, Sub Tap
——Zph Proc 1

—&— Zph Proc 2

—o—Zph Proc 2, Sub Tap
1.E+04 - ——=% -65

Mag
aseyd

1.E+03

1.E+02 } } } } -95
0.1 2.1 4.1 6.1 8.1
(GHz)

Fig. 5. Magnitude and Phase of Contact to Substrate Impedance for Processes 1 and 2

2 A substrate tap is ametal contact to the surface of the substrate.
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Fig. 6. Frequency Dependent Model of Contact Fig. 7. Frequency Independent Model of Contact

since significant lateral current flows through the surface of the substrate. This indicates
the importance of modeling the presence of a substrate tap in such a process. On the
other hand, process 1 is not sensitive to the presence of the substrate tap since most

current flows vertically through the surface epi layer.

Fig. 6 shows the extracted model, which is highly frequency-dependent. We can
model the contact impedance with fixed capacitors and aresistor as shown in Fig. 7. This

is the physical representation, with a fixed Cys representing the metal to substrate

1.00E+05 % -50
—¥—Con 1 (mag) Proc 1 —O—Con 2 (mag) Proc 1
—<O—Con 1 (mag) Proc 2 —{—Con 2 (mag) Proc 2
—4—Con 1 (ph) Proc 1 —>—Con 2 (ph) Proc 1
—+—Con 1 (ph) Proc 2 —HB—Con 2%]
1.00E+04 -65
o
o] i)
= 2
0
®
1.00E+03 -80
1.00E+02 t } } t -95

0.1 3.1 (GHz) 6.1 9.1

Fia. 8. Contact to Substrate Impedance For Two Contacts of Different Area

40



1.E+07 T
\

——s = 2um
——s = 10um
—0—s = 50um
\
PY

U
T—_
T~

1.E+06 4

N
— =

o

——
[

N
N
\oN

2N

Mag

(AN O

|

1.E404 } } ' \\A\“‘*‘* —

0.1 1.6 3.1 4.6 6.1 7.6 9.1
(GHz)

Fig. 9. Substrate Coupling Impedance for Process 1 for Different Contact Spacing Values

capacitance, and a fixed resistance Rgs and capacitance Cqs from the substrate to the
ground plane. The agreement between the model and the previous simulation result is

excdlent.

Using the same simulation setup as described before, we examine the coupling
impedance between two contacts. Two contacts are placed symmetrically around the
center of the chip, one contact of length 100 nm and width 10 mm, the other contact of
length 50 nm and width 10 nm. Three values of spacing are simulated: 2 nm, 5 nm, and
10 mm. Similar to the single contact case, the contact to substrate impedance is plotted in
Fig. 8. For both processes, the larger contact naturally presents a lower impedance. The
coupling impedance values are plotted in figures 9 and 10. Here we see significant
differences. For the first process, Fig. 9 shows that the value of the spacing is very
significant and the coupling impedance changes by orders of magnitude for different
gpacing values. For the second process, however, Fig. 10 shows that the contact
impedance is not too sensitive to the spacing used. This is understandable since the
second process coupling current flows laterally through surface, whereas in the first

process lateral current flows through the bulk substrate.
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Fig. 10 aso shows that the coupling impedance changes dramatically in the
presence of a substrate tap placed between the contacts. As a result, a significant fraction
of the lateral surface current flows to ground instead of to the other contact. The same
isolating effect is not seen in the first process due to the highly resistive surface layer.
Similar to before, frequency-independent circuits can be constructed to model the

impedance over a wide-frequency range.
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Chapter 6: Modeling

Since our inductance and capacitance matrix calculations are frequency dependent,
our previous approach produces a frequency dependent model of the device. Thisisnot a
serious limitation since most RF circuits employing inductors and transformers in narrow-
bands. On the other hand, enough situations arise in practice to warrant a frequency-
independent model. On another front, measured data is often fit to frequency-independent
models over a broad frequency range and this necessitates modeling the device with low-

order circuits.

6.1 Equivalent Circuit of Planar Spiral

In the previous chapters we discussed how to generate two-port parameters as a
function of frequency for a given spira layout. Usually, the spiral inductor will be used in
a larger circuit, with hundreds of other active and passive components. Hence, it is
desirable to model the spiral two-port parameter with a low-order lumped circuit to
reduce simulation time. In some cases, the y-parameters of the spiral can be utilized
directly in the simulator; for the most part, however, it is more desirable to work with an
equivalent circuit since this gives the designer more intuition about the performance of the

circuit relative to the spiral inductor.

Fig. 1la shows a frequency independent moddl first proposed in [1] and Fig. 1b shows
modifications to the circuit [2]. Most modifications model second order effects that
increase the effective usable bandwidth of the model. For instance, a Cgr has been added
to model the interwinding capacitance and to make the series inductance and resistance
frequency dependent. Some authors [2] use a non-linear resistor to model skin/proximity
effects. Cs represents displacement current in the substrate which makes the substrate
impedance vary as a function of frequency. Rc is a substrate coupling resistor, which

models the substrate coupling impedance.
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Fig. 1a. Traditional spiral inductor model.

Although the circuit of Fig. 1a may be derived physically at a single frequency
from the two-port parameters, it is very difficult to physically derive models like Fig. 1b
over a large frequency range. Usually optimization is used to minimize the least-square
error between the two-port parameters of the two circuits. These circuits model the spiral

well up to the first resonant frequency.
6.2 Equivalent Circuit of Multi-Level Spiral

To overcome the high losses intrinsic to Si spiral inductors, many authors [3][4]
have reported utilizing processes with multiple metal layers to build inductors. Spirals on
individual metal layers are interconnected by copious amounts of via connections, putting
the gpirals in shunt or in series. The purpose of making shunt connections is to increase
the effective thickness of the metal conductor to thereby reduce the loss of the spiral. For
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Fig. 1b. Modified spiral inductor model.



N meta layers with equal conductivity in shunt, the spiral loss at low frequency will drop
by a factor of N. The inductance drops aso, but since the metal-to-metal spirals are
tightly coupled magnetically (k > 0.8), the loss in inductance is not substantial. Hence, the

overall Q of the inductor increases.

Assuming perfect coupling as an upper bound, at low frequency the Q increases by
a factor of N. The shunt connection combats high frequency losses due to current-
congtriction, since the multiple metal layers increase the available surface area for current
to flow. The pendlty is that the substrate admittance of the spiral increases since the spiral
moves closer to the substrate with the lower metal layers. In addition, coupling

capacitance increases. Hence, high-frequency Q suffers due to substrate |oss.

Alternatively, the N spirals may be connected in series increasing the overal
resistance and inductance of the spiral. The increase in resistance is more than a factor of
N (assuming equa conductivity metal layers and some finite via resistance) whereas the
inductance increases at afaster rate. For the idea case of perfect coupling, the inductance
increases by a factor N(as in the case of discrete coil inductors). Hence, at low
frequency, an upper bound on the Q increasesis N for N metal layers, similar to the shunt
connection. The series connection, however, suffers from high interwinding capacitance
which lowers the self-resonant frequency substantially. This renders the series connection

suitable for low-frequency small-area applications.

For both cases considered, modeling and analysis of the inductors become very
important since the geometry has an adverse effect on the frequency response of the
inductor. The analysis presented in chapter 3 is applicable, athough many of the
approximations are not. For instance, for the series connection capacitance is of utmost
importance and must be computed accurately using the techniques of chapter 5. In
addition, the smplified low frequency analysis of section 3.2 is no longer applicable, since
we assumed operation far from self-resonance and negligible current flowing in the

interwinding capacitance. For the shunt case, though, almost al of the analysis techniques
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apply. In particular, the technique of section 3.1 can be used to model the parallel

segments since this fits naturally into our earlier formulation.

The equivalent circuit for the shunt spiral is identical to the planar inductor.
Special care is needed to calculate substrate capacitance/resistance since these effects are
more important. The series inductor, though, is more difficult to model with smple
circuits such as Fig. 1b. The reason is due to the lower self-resonance frequency and
increased capacitance. These effects may be modeled by using two or three cascades of
Fig. 1a with added coupling capacitors. Again, it is difficult to uniquely assign values to
the model parameters, due to the unphysical nature of the modeling.

6.3 Equivalent Circuit of Transformersand Coupled Inductors

Similar to inductors, transformers find many important applications in a typical RF
circuit. For example, transformer baluns aid in converting signals from differential to
single-ended, and vice versa. In this way, they can be used to improve the gain of
differential circuits which feed single-ended circuits [24]. In [25] a transformer is used as
a low-noise feedback element to improve the performance of a LNA. Since inductance is
a well controlled parameter (primarily determined by lithography), absolute inductance
values are accurate to begin with, and inductor ratios are even more accurate. This allows
inductors to be used as loads and as feedback elements. Other uses include filtering

applications, tuned differential loads, and single-ended to balanced conversion, and narrow

Fig. 2. Layout of two coupled spiral structures.
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Fig. 3. Equivalent circuit model for two coupled spirals.

band impedance matching.

Most past researchers, however, have used transformer models derived from
measurement, making it difficult to utilize a custom transformer prior to fabrication.
Modeling of the spird transformer is difficult since many second-order effects in the spira
analysis become first-order effects. This includes the interwinding coupling capacitance

and the finite substrate coupling impedance.

We begin with the smplest case, that of coupled inductors. Assume that two
spirals are placed on the Si substrate as shown in Fig. 2. Also assume that one side of
each inductor is grounded. These inductors act like a loosely coupled transformer and
may be modeled physically as shown in Fig. 3. This broadband equivaent circuit is
derived by utilizing the calculations of chapter 3 to derive a lumped circuit representation
at each frequency of interest. Through the use of optimization, the broadband model may
be derived. In the broadband model R. models the substrate coupling between the
inductors. Thisis sensitive to the location of the substrate taps, as well as the condition of
the back-plane of the Si substrate. Clearly, substrate taps placed between the spirals as

well as a good back-plane ground help to isolate the inductors.
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Fig. 4. Magnetic coupling coefficient for two coupled spirals as a function of distance between spirals.

Notice that the magnetic coupling coefficient k is very small for this arrangement
of inductors. This remains true even as the spirals are placed in close proximity to one
another. Fig. 4 is the computed plot of the effective k as a function of distance. Notice
that k drops off very fast for distant spirals. Fig. 5 shows the magnitude of the coupling
impedance for two different substrate tap placements. Whereas in the first case, a

substrate tap is placed between the spiras, in the second case the substrate tap is placed a
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Fig. 5. Substrate coupling resistor for two coupled spirals as a function of distance between spirals.
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port 1

port 2

Fig. 6. Layout of planar transformer.

distance of 150 nm away from the spirals. It is evident that the placement of the substrate

tap has an important effect on coupling.

Fig. 6 shows the layout of atypical spira transformer. The transformer is realized
simply as two spiral inductors wound together. Hence, we may calculate equivalent
circuit parameters in amanner similar to before, and build equivalent circuits in exactly the
same way. The coupling capacitance is especially important since it appears from one port
of the transformer to the other and it is parasitic and dominant. For an isolated grounded
spiral, the coupling capacitance is shunted by a much larger substrate capacitance and its
effect on the inductance is second order. The equivalent broadband circuit is shown in
Fig. 7a. This circuit may be transformed into the equivalent circuit of Fig. 7b [25][26],

which utilizes an ideal transformer shunted by various parasitic e ements.
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Fig. 7b. Equivalent circuit model for planar transformer with ideal transformer and parasitic elements.
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Chapter 7: Optimization

In this chapter we pursue the optimal geometry and technology for the fabrication
of inductors and transformers. While the word optimal is application dependent,
invariably optimality depends in some way or another on the device quality factor. Hence,

our optimization efforts will be biased in this direction.

7.1 Optimization of Technological Parameters

In this section, we consider optimizing the S 1C process in order to optimize the
performance of inductors. At low-frequency, the dominant source of loss comes from the
series loss of the spiral. A process utilizing thick metal [27], or high conductivity metal
[2] can be utilized to improve the low-frequency performance of the inductors. At high
frequency, the substrate loss limits the Q, and the substrate capacitance lowers the self-
resonant frequency of the structure. Clearly, utilizing thicker oxide and lower permittivity
dielectric helps to reduce the capacitance [7]. By increasing the self-resonant frequency,
the substrate loss is adso lowered. Alternatively, if special processing steps are taken, the
spiral may be isolated from the substrate by etching away the oxide below the spiral and
floating the inductor [6]. In addition to lowering the permittivity of the spiral capacitance,
it dso moves the spira farther away from spiral. This increase in self-resonance alows
one to design physically larger inductors, either to minimize loss or to attain a higher

inductance value.

The substrate loss can be reduced by eliminating the substrate resistance. This can
be done by either shorting out the substrate resistance or by open-circuiting it [22]. To
short it out, one can place a high-conductivity conductor under the spiral, or aternatively
place the spiral above a highly doped grounded layer. While this will reduce the substrate
resistance value, it will have the deleterious effect of inducing substrate currents to flow.
Recall that in chapter 4 this ground current was neglected in the inductance calculation. |If

this component is taken into account, its effect is to reduce the inductance of the spiral.
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To understand this, consider a perfectly conducting ground layer. Using the method of
images under quasi-static approximation, the ground current will mirror the substrate
current, producing a magnetic emf in opposition to the spiral [28]. To combat this effect,
one can place conductive strips in a grid fashion utilizing low conductance “ open-circuit”
spaces to minimize eddy currents. This is the approach taken by [35]. One must exercise
caution, though, as the substrate shield might adversely affect the substrate coupling at
high frequency due to the finite inductance in the ground. Also, the substrate shield must
be sufficiently thick (thicker than the skin-depth in the material in question) to be effective
at high frequency.

To increase the substrate resistance, one can utilize a lowly doped substrate. In
the limit, the substrate becomes intrinsic and [29] has reported good performance with this
substrate.  As discussed in section 6.2, multiple metal layers can be used to improve
inductor performance. Hence, IC processes with many metal layers can be advantageous.
In summary, the ideal spira inductor process is one with a thick low permittivity oxide

isolating many thick highly conductive metal layers from a highly resistive substrate.

7.2 Optimization of Geometrical Parameters

Consider utilizing a typical Si 1C process in the design of the inductor. A given
design places congtraints on the electrical parameters of the spiral. Typicaly, these
constraints can be formulated as

L. ELEL,
R.in ERER . or min[R]
f® fio

max[Q]
While the designer typically places the strongest constraints on L, in RF choke

(1)

applications it may be desirable to maximize L. The series loss, though, is usually parasitic
and one wishes to minimize it. Nevertheless, some designs require a specific value for R.
Ideally, one wishes to maximize the self-resonant frequency, but realistically one must live

“close” to resonance due to the low self-resonant frequency of the structure. For the most
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part, one wishes to maximize Q. Also, one wishes to place the frequency of maximum Q
at the frequency of operation.

These electrical constraints map into corresponding geometric constraints. For a
given typical spiral, as shown in Fig. 1.1, one must choose the parameters to satisfy the
desired electrical constraints.

First, one has to decide on the geometry (sgquare, circular, hexagon, etc.) or the
number of sides p of the spiral polygon. Most past designs have utilized square spirals for
simplicity, but square spirals are not necessarily optimal. For minimum loss, one would
like to let p approach infinity, thus utilizing a circular spiral. In practice, a sufficiently

large p, such as 30, closely approximates acircular spiral.

Given p, one can further change the spira metal width w, the metal-to-metal
spacing s, and the number of turnsn. These parameters do not necessarily have to remain
constant throughout the spiral either, or they may taper as a function of n. Of course,
these parameters are not independent. Assuming that s and w are a function of n only,

then the following approximate equation restricts the parameters space greatly
A=A +23 (W, +s) &)
j=1

In order to improve the low-frequency performance of the spiral of a given
inductance, one must minimize the seriesloss of the spiral. This can be done by increasing
w as much as possible. This requires more and more spira area to achieve the desired
inductance; this process is limited by the negative effects of the substrate loss, since
increasing the spiral area increases the substrate injection in addition to lowering the self-
resonant frequency. An optimum point exists at each frequency, and one can begin by

finding the optimal area.
Next, consider the spacing s. Electrically, s controls the oxide coupling

capacitance and the mutual magnetic coupling coefficient. But given that for most planar

spirals the substrate capacitance is dominant, the bridging capacitance does not play an

53



4+ —&—s = 15um
——s=1um

R/Rdc
N w

Fig. 1. Normalized spiral resistance as a function of frequency.

important role and hence may be ignored in the optimization. Typically, one chooses to
minimize s up to a point where coupling capacitance becomes dominant. Minimizing s
allows one to maximize mutual magnetic coupling. It also reduces loss by allowing wider
metal line widths. But the value of s aso affects current constriction. Hence, while at low
frequency one usually uses the minimum spacing available to maximize magnetic coupling,
at high frequency proximity effects favor a larger value of spacing [8]. Thisis illustrated
in Fig. 1 where we plot the resistance of a typical spiral using two values of spacing.
Similar considerations apply to the area of the spiral and the number of turns. At lower
frequencies large areas alow wider metal widths to meet a given inductance at lower
values of series resistance and therefore higher Q. But a high frequencies the Q is
dominated by the substrate and smaller areas are favorable. Thisis doubly true for highly

conductive substrates which suffer from eddy-current losses at high frequency [8].

Given A, and minimum s, one can vary w and n to obtain the optimal Q at a particular
frequency. Fig. 2 plots the optimum number of turns n as a function of outer length of a
square spira for different inductance values (the width w also varies). The andysis was

performed a 2 GHz using a hypotheticd BiCMOS process. This optimization is
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Fig. 2. Optimum spiral turns versus outer length for square spirals.

appropriately done using a computer program. Instead of considering every possible
combination of (n,w,s), many heuristics can be used to restrict the parameter space. For
instance, approximate closed-form formulas [30][31] may be used to estimate a range for

n for agiven win order to achieve a particular value of inductance.

In the above discussion, we assumed that w does not vary as a function of n. This
is not the optimal choice due to the intrinsic asymmetry of the spiral. This asymmetry
becomes important at high frequency when proximity effects render the optima width w
position dependent. The inductance of the spiral is aweak function of w, whereas the loss
is strongly dependent on w. By keeping the average width and length of the spiral
constant, the inductance will not change significantly. To take advantage of this, one may

taper the width of the spiral to optimize the Q.

7.2 A Custom CAD Tooal for Spiral Design, Analysis, and Optimization
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The techniques presented in this paper have been collected into ASTIC [32]
(Anaysis and Smulation of Inductors and Transformers for ICs), a user-friendly CAD tool
designed to aid the RF circuit designer in designing, optimizing, and modeling of the spiral
inductor. The tool is flexible, allowing the user to trade off between speed and accuracy.
For example, to quickly search the parameters space of an inductor optimization problem,
ASITIC uses low-accuracy high-speed techniques of chapter 3 to quickly confine the

search space, then the local space is searched using more accurate techniques.

By working with the entire metal layout of the circuit a hand, ASTIC alows
general magnetic and substrate coupling to be analyzed between different parts of the
circuit. Parasitic metal extraction may aso be performed, including the effects of the
substrate, and the resulting SPICE file may be included in more accurate simulations. The
fina design of a spird may be exported for final layout; this feature is convenient in the
layout of complex geometry spirals (non-square spirals), since their hand-layout is time

consuming, especialy when changes are made to the geometry of the spiral.
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Chapter 8: Experimental Verification

8.1 Description of Process/M easurement Setup

All spira inductors were fabricated in Philips Semiconductors Qubic2 BiCMOS

process. Approximate process parameters are given in Table I. Inductors are fabricated

on metal 2 to minimize the series loss and to maximize the distance of the inductors from

the substrate. Meta 1 is used as the “bridge layer” to make connections to the inner turn

of the spiral.
Metal 2 Re, = 33mW/sq thickness = 1.27nm Ca=14aF/mm®
Metal 1 Re, = 50mW/'sqg thickness = 1.00nm Cap=21aF/mm®
Metal O Rs = 100mW'sg thickness = 0.40mm Cau=105aF/mm?
Buried Layer r = 0.085W-cm thickness = 1nm p°Si
Bulk Substrate r = 20\W-cm thickness = 675nm p'S

Tablel. Approximate Process Parameters

Fig. 1a. Layout of spiral and probe pads for measurement.
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Using on-chip cascade probes, the average two-port s-parameters of the spirals are
measured from 100MHz - 5GHz. Since the measurement setup holds wafers in place
using vacuum suction, the back-plane of the substrate is effectively floating. The substrate
surface is grounded by placing substrate taps near the spirals in the layout.

=

Fig. 1b. Layout and equivalent circuit models of spiral and pads used for calibration procedure.

Pad capacitance is de-embedded by subtracting out the open-circuit structure y-
parameters from the spiral y-parameters. The calibration procedure we use is the standard
approach and is reported widely. But there is an intrinsic problem with this calibration
approach which can render the measurement results inaccurate. Fig. 1a shows the layout
of atypical spiral setup for measurement. To de-embed the large substrate capacitance
and resistance of the pad structure, the open-pad two-port parameters are also measured,
as shown in Fig. 1b. In the same figures we show a schematic of the pad parasitics along
with the spira equivalent circuit. Clearly, the open-circuit pad structure does not contain
the parasitic coupling between the spiral structure and the pads. In addition, the pad-to-
pad coupling is different in the two cases shown, since the spiral itself tends to shield the
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pads from one another. Hence, the pad parasitics are not correctly de-embedded from the

measurement results.

To show this effect, we smulate a sample inductor with and without pads. Next,
we de-embed the pad parasitics from the simulation results with pads (just as one would in
measurement) and the resulting extracted series inductance, resistance, and Q factor are
shown in figures 2a and 2b. The inductance value is in error but in both cases increases
with frequency; the series resistance values, though, deviate dramatically as a function of
frequency. Notice too that the trend comes out incorrect, increasing as a function of
frequency instead of decreasing. Also shown is the resulting error in the Q factor. Notice
too that this error can change the location of the peak Q-factor, resulting in sub-optimal
designs. Not shown are the equivalent extracted substrate impedance values. The
measurement errors can produce dramatic differences here too, changing the substrate
resistance by a factor of 2. The substrate capacitance can actually change sign due to
resonance phenomena. In the following sections, in order to match simulation results to
measurements, we simulated our structures under the same conditions as they were

measured.

3.5 9.6
8.4
- Py
3 8
© 7.2@'
g 2
5 ®
> —~
S 6 S
- 3
K2
—O>—L nocal
—O— L with cal 148
—2&—R no cal
—>— R with cal
2.5 1 1 1 3.6
0.1 1.6 GHz 31 4.6

Fig. 2a. Extracted inductance and resistance of spiral inductor with and without calibration procedure.
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Fig. 2b. Extracted quality factor Q with and without calibration procedure.

To solve these problems, we can of course always minimize the parasitic coupling
between the device under test and the pads by physically moving the structure away from
the pads and by placing isolating substrate taps between the structures. Nevertheless, this
requires large areas to be consumed on the chip. While this calibration problem occurs for
a BICMOS substrate, simulation aso indicates some problems on an epitaxial CMOS
substrate. The magnitude of the error, though, is much smaller. For instance, the series L
and R change much less and only the substrate impedance changes drastically due to the
calibration step.

8.2 Extraction of Circuit Parametersfrom M easurement Data

At each frequency of interest, the equivalent pi-circuit of Fig. 6.1a can be extracted
from y-parameters. By taking real and imaginary parts of Yi,, equivalent inductance and
resistance are extracted. Similarly, input and output shunt capacitance and resistance to
substrate may be extracted by taking real and imaginary parts of Yi;+Y, and Yoo+Yoo.

Since the circuit is passive, it is aso reciprocal so that Y1,=Y,;. This extraction procedure

60



iswidely used and is smple to implement since the electrical parameters of the spird are
uniquely determined at each frequency. The drawback, though, is that the extracted
inductance is not physical and contains the effects of the capacitive coupling which tends
to boost the inductance as a function of frequency, smilar to a paradlel tank. The

extraction technique presented in [34] is superior in this regard.

To extract Q using Fig. 6.1a one can define the input or output Q by the two-port
parameters. Looking into port 1
_ - Im(Y,)
© Re(Yy)

The above definition has the awkward property that the Q is zero at self-

(1)

resonance. Since inductors are usualy operated far from self-resonance, this does not
present too many problems. But in some applications, the inductor is used as a resonant
tank close to self-resonance. In such cases, it is more appropriate to define the Q using a
3dB bandwidth definition

WO

Q= Dw,., (2)

Equally applicable, one may use the rate of change of phase at resonance

_wy i

Q_2dw

(3)

The above equations are derived using second-order resonant circuits. For higher
order circuits, perhaps the best definition is based on ratio of energy stored in the circuit to
energy dissipated per cycle, or

Q - Wstored

diss

(4)

per cycle

For circuits, though, the best approach to defining Q should be application
dependent. For instance, to minimize oscillator phase noise, one requires the rate of
change of phase to be maximum at resonance, as in equation (3). Equivaently, for a
narrow-band tuned load one wishes to minimize the bandwidth of the device, as in

eguation (2). Our approach to Q extraction is based on equation (3).
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Fig. 3. Extracted quality factor Q of a9 turn square spiral by using equations (1) and (6).

At each frequency of interest, an ideal capacitor is inserted in shunt with the
inductor with admittance equal to the imaginary part of Y;;. The resulting admittance
becomes

MY, (W)

Y'W) = jwC +Y,, c=-—

(5)

This capacitance will resonate the device at the frequency of interest w,. By
examining the rate of change of phase one can find the equivalent Q
d | _2Q _bBY(w, +dw)- DY'(w, - dw)
dwl, w, 2dw

Wo

(6)

To illustrate this approach, in Fig. 3 we plot the Q of a typica spiral inductor
(square spiral with 9 turns of dimensions given in the next section) using the definition
present in (6). In the same plot we show the traditional definition of Q, using (1). Aswe
approach self-resonance, the two definitions deviate greatly. Notice also that the peak

value of Q occurs at different frequencies for the two definitions.
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In the following sections on measurement results, the data is measured at room
temperature. It is important to calculate Q at the frequency and temperature of interest
[33]. At low frequencies the Q temperature coefficient (TC) will depend on the metal TC
whereas at high frequency the Q will change due to the TC of the substrate resistance.
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Fig. 4. Layout of 8 turn spiral.

9.3 Square Spiral Inductors

Since square spirals are the most common inductors in Si RF ICs, we begin by
comparing our simulation results of the previous section with measurement results. Many
square spirals were fabricated and measurement results were compared to simulation. The
spiras have the following geometry: Constant inner area, Aj = 44nm, constant width w =
7mm, and constant spacing s = 5nmm, with turns n = 5-10. A chip layout of the 8-turn
spiral appears in Fig. 4. For example, Fig. 5 shows the measured and simulated s-
parameters for the 8 turn spiral.  As can be seen from the figure, smulation s-parameters

match the measured s-parameters well. The smulation time is under a minute per

frequency point.

Fig. 6a plots of the extracted series inductance from both measurement data and

simulation data for the 5-turn and 8-turn spirals. Good agreement is found for all spirals.
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Fig. 5. Measured and simulated s-parameters of the 8 turn square spiral.

For al spirals, the inductance is an increasing function of frequency. Thisis due primarily
to the coupling capacitance which boosts the effective L as a function of frequency. For
the smaller spirals, the same coupling capacitance tends to increase R as well, but the
effect of the shunt substrate resistance is to lower the effective series R. For large spirals
in which substrate injection occurs at a lower frequency, the behavior of R is a decreasing
function of frequency. For smaller spirals, the substrate injection is minimal due to a small

substrate capacitance, and the effect of the coupling capacitance boosts R as a function of

frequency.

Fig. 6b shows the Q-factor for the 5-turn and 8-turn spirals. Here, we used the
phase definition of equation (6) to compute Q. Good agreement is found between
measurements and simulations. For the smaller 5-turn spiral the Q is an amost linear
function of frequency, demonstrating that the substrate has negligible effects on the spiral
and the Q is approximately given by WLR™. The larger 8-turn spiral, though, shows more

complicated behavior due to the substrate. At low frequencies when the substrate
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Fig. 6a. Extracted inductance of square spirals from measurements and simulation.

impedance is large, the simple linear behavior is observed. At high frequencies, when the
substrate impedance is smaller than the inductive/resistive impedance of the spira, the
substrate loss dominates and the Q is a decreasing function of frequency. In the frequency
range of interest, the Q is a combination of the above mentioned effects, and the Q peaks
at some frequency, fouax. Notice that our analysis predicts this frequency well. Thisis

important since we can design inductors that have peak Q at the frequency of interest.

Using the modeling described in section IV.A, we model the inductors using the
equivalent circuits of Fig. 6.1b. Table Il compares our results, including the total error
involved in the modeling. The error is derived by computing the relative error between
the two-port measured s-parameters and the model two-port s-parameters. The error is
cumulative over 16 points in the frequency range. Two models were generated, one
model is based on the actual measurement results whereas the other model is based solely
on simulation results (the simulation model is not a curvefitted model of the

measurements, but rather a curve-fit to the simulations).
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Fig. 6b. Extracted Q-factor of square spirals from measurements and simulation.

Model Parameter Measured 5-turn Simulated 5-turn Measured 8-turn Simulated 8-turn
L (nH) 2.93 2.97 8.78 8.55
R (W 8.02 8.23 17.50 16.99
Ca (fF) 93.5 174.4 176.9 152.6
Cq (fF) 210.7 341.8 656.6 179.9
Ra (W) 1.35k 377 527.6 290.2
Re (W) 1.06k 472 587.0 314.7
Cer (fF) 22.4 88.9 63.4 106.2
S error? .06 0.30 0.37 0.52

9.4. Polygon Spiral Inductors

Tablell. Simulated and Measured Models For Square Spirals

Since polygon spirals with more than four sides have higher Q than square spiras

(for the same areq), it is advantageous to use these structures. Many spirals are measured

and compared with ssimulation. The geometry of the fabricated spiras is shown in Table

[1I. A chip micro-photograph of a sample spira inductor L4 appears in Fig. 7. S
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Spirals L4 L6 L7 L8 L9 L11
Radius R (mm) 105 105 105 105 105 105
Width W (mm) 8.2 75 75 75 75 6.5
Space S (mm) 3 3 3 3 3 3

Turns N 6.75 8 8 8 8 7.75
No. of sides 12 12 12 12 12 12
Metal (s) M2 M2 M1+M2 | M1+M2 | M1+M2 M2

via® via® +M3

Tablelll. Polygon Spiral Geometry

parameters are plotted for the L4 spiral in Fig. 8 and again good agreement is found

between simulation and measurement. Extracted series inductance and Q for the L4 and

L11 spirals are plotted in figures 9ab. The inductors are also modeled using the equivalent

circuit of Fig. 6.1b, and Table IV summarizes the model parameters based on

Fig. 7. Layout of polygon spiral inductor L4.

measurement and simulation.
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Model Parameter Measured L4 Simulated L4 Measured L11 Simulated L11
L (nH) 5.45 5.67 7.3 7.7
R (W 10.3 115 16.0 16.4
Ca (fF) 132 225 134 208
Ca (fF) 336 280 320 258
Ry (W) 765 711 762 832
Re (W) 726 723 769 869
Cer (fF) 45 55 45 55
S error? 0.02 0.20 0.07 0.24

Table V. Simulated and Measured Models For Polygon Spirals
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Fig. 9a. Extracted inductance of polygon spirals from measurement and simulation.
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8.5 Multi-Metal Spiral Inductors

To improve the low-frequency Q of the spiral, we can place metal layers in shunt
as discussed in section IV.B. To test this, the spiral L6 in the polygon set was used.
Three new inductors L7, L8, and L9 were constructed. L7 hastwo L6 spirals on metal 2
and metal 1 connected in shunt with as many vias as possible; L8 aso has two L6 spirals
in shunt, but with vias placed only at the ends of the segments. Finally, L9 has al metals
connected in shunt (except where it was necessary to use metal 0 to connect to the inner

turn of the spird).

o
(o]
|

o
o))

o
N

Magnitude of S-Parameters
slaloweled-s Jo aseyd

o
(V)

Fig. 10. Measured and simulated s-parameters of the M1-M2 multi-metal polygon spiral L7.
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Fig. 11b. Extracted quality factor of polygon spiralsL6 and L7.
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Fig. 12. Measured Q-factor enhancement of multi-metal shunt connected spirals.

Simulations were run for the M2+M1 spiral and measured and smulated s
parameters are shown in Fig. 10. Good agreement is found as before. Fig. 11a plots the
extracted series inductance of the spiras. Due to the tight coupling the inductance value
of the metal-metal structure does not drop much. Fig. 11 plots the extracted Q of the
gpirals. The low-frequency Q enhancement of the metal-metal structure is due to the drop
in series resstance. The series resistance drop is in accordance with connecting the
appropriate metal layersin shunt. At high frequency, though, the picture changes greatly
due to substrate loss. At high frequency the Q of the single metal layer is actually better.

Figure 12 compares the measured Q of L6, L7, L8, and L9. The measurement
results indicate an overall Q-increase a low frequency for the M1+M2 cases, but using
three metal layersis actualy harmful at al frequencies (since the MO layer is very close to
the substrate). Also, the Q of L8 is dightly higher than the Q of L7 demonstrating that

use of ample vias helps to boost the Q in the shunt configuration.
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8.6 Coupled Spiral Inductors

Many RF IC designs incorporate severa spiral inductors on the same die. Since
these structures are physicaly large, substrate coupling can be a significant problem. For
instance, in any amplification stage the substrate coupling can act as parasitic feedback,
lowering the gain and possibly causing oscillations to occur. Hence, it is very important to

model the substrate coupling.

The analysis technique presented in 3.2 is directly applicable here. The s
parameters of two 8 turn square spirals separated by a distance of 100mm were simulated
and measured. Fig. 13 shows the magnitude of the measured and simulated s-parameters.
As can be seen from the figure, simulation results predict the coupling behavior accurately,
such as the minimum S,;. To gain further insights into the coupling, we plot the power
isolation from one spira to the other using the following equations. For the arbitrary
passive two-port shown in Fig. 14a., the ratio of the power delivered to aresistive load R.

through the two-port can be shown to be

0.1

Magnitude of S-Parameters

m]
0.01 =
(m]
¢ sll Mag
0sl12 Mag
0.001
0.1 1 GHz 10

Fig. 13. Measured and simulated s-parameters of the coupled spirals.
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In the above equation, G, is the current gain through the two port and Z;, is the impedance

- 7
) (7)

looking into the two-port from the source side

G =55 (8)

(9)

Using the above equations we plot the measured and ssmulated power isolation for
the coupled inductors in Fig. 14b, where a 50 W load resistance is used in the above
equations. Clearly, there are two frequencies where the isolation is maximum. These
frequencies depend on the geometrical layout of the spirals and hence this gives the

designer the powerful option of placing the spirals in locations to maximize isolation.

Rs

Vg R,

Fig. 14a. Circuit for calculating the power delivered to aresistive load from areciprocal two-port.

0

Effective Power Isolation (dB)

75
Fig. 14b. Measured and simulated power isolation between the coupled spirals.



8.7 Planar Transformers

To test the simulation accuracy for transformers, several planar transformers were

fabricated and measured. An example transformer structure is shown in Fig. 15. The

Transformer Model Measured Simulated
Parameter
L (nH) 4.88 4.63
R (W 17.58 16.91
C, (fF) 124 123
C, (fP) 430 418
Rs (W) 243 252
Re (W) 1.00k 796
Ci2 (fF) 53 59
ki .703 0.715
S error? 0.79 0.04

TableV. Simulated and Measured Models For Planar

Transformer
transformer is made of two interwound spirals each of 5-turns of 7nm wide metal with a

spacing of 17 mm. Measured and smulated s-parameters are shown in Fig. 16. Again,

good agreement is found between simulation and measurement. We can gain further

Fig. 15. Layout of planar transformer. 76



insight into the measurement results by using equation (7). We plot the measured and
simulated lossin Fig. 17. Again we use a50 W load resistance value. But since thelossis
afunction of load resistance, one would typically find the optimal value at the frequency

of interest to minimize losses.

The dynamics of the transformer can be captured in a compact model similar to the
coupled inductors, as shown in Fig. 6.7.a. The k factor for planar inductors is about 0.7 to
0.8. Substrate coupling is again modeled with Rc. While the circuit of Fig. 6.7.ais
physically based, one can aso derive the equivaent circuit shown in Fig. 6.7.b, which
contains an ideal transformer at the core with parasitic elements. The model parameters

from measurement and simulation appear in Table V.

0.7 254
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Fig. 16. Measured and simulated s-parameters of planar transformer.
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Fig. 17. Measured and simulated power loss of planar transformer.
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Fig. 18a. Magnitude of measured s-parameters for metal-metal transformer.
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Fig. 18b. Phase of measured s-parameters for metal-metal transformer.

8.8 Metal-to-Metal Transformers

Planar transformers consume large areas on the Si die. To save area, one may use
multiple metal layers to design transformers. The straightforward approach is to use two
spirals on top of each other. The measured s-parameters of such a structure is shown in
Fig. 18ab. As evident from the figure, even though the spirals are identical, the structure
IS non-symmetric due to the extra series loss of metal 1 and the extra capacitance and
substrate loss associated with metal 1. In order to design a more symmetric structure, one
may split up the primary and secondary and layout half of the primary on metal 1 and half
on metal 2. Such a structure is shown in Fig. 19. Measured s-parameters for such a

structure are shown in Fig. 20. Clearly, this structure is more symmetric.
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Fig. 19a. Layout of symmetric metal-metal transformer. Fig. 19b. One winding of symmetric metal-metal transformer.

In general, metal-metal transformers suffer from high parasitic coupling from the

primary to the secondary, making these devices unsuitable in most applications. On the
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Fig. 20a. Measured magnitude s-parameters of metal-metal symmetric transformer.
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Fig. 20b. Measured phase s-parameters of metal-metal symmetric transformer.

other hand, the k factor is dightly larger than the planar transformer and a lot less area is

consumed.
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Chapter 8: Conclusion

In this thesis we have presented techniques to analyze, model, and optimize spiral
inductors and transformers on the Si substrate. The techniques are accurate, taking into
account substrate coupling, current constriction, and proximity effects. The analysis is
also fast and efficient, making it suitable for computer optimization. Furthermore, the
analysisis genera and appropriate for analyzing any arbitrary arrangement of conductors,
such as multi-metal spirals. A custom CAD tool ASTIC was developed which
incorporates the algorithms discussed in this paper. ASTIC was used to analyze a wide
variety of test structures such as square spiras, polygon spiras, coupled spirals, and
transformers. The test spirals were aso fabricated and measurement results compared well
to simulation on a BICMOS substrate. Compact models for the various devices were

presented which model the device dynamics over awide frequency range.

There are many areas, though, where the work can be improved. For instance, while the
capacitance matrix calculation was fairly genera, taking the effect of the substrate into
account, our inductance matrix calculation assumed the effects of the substrate to be
negligible.  While this was substantiated with measurement results on a BiCMOS
substrate, more study needs to be performed on the CMOS substrate since the highly
conductive bulk substrate of the CMOS epi process is likely to cause extra components of
loss at high frequency due to eddy-currents. Thus, the inductance matrix calculation
should be performed in an analogous fashion to the capacitance matrix calculation, with an

appropriate Green function representing the substrate loss.
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