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Abstract—This paper describes the design and performance of
a 6-kW, full-bridge, bidirectional isolated dc–dc converter using a
20-kHz transformer for a 53.2-V, 2-kWh lithium-ion (Li-ion) bat-
tery energy storage system. The dc voltage at the high-voltage side
is controlled from 305 to 355 V, as the battery voltage at the low-
voltage side (LVS) varies from 50 to 59 V. The maximal efficiency
of the dc–dc converter is measured to be 96.0% during battery
charging, and 96.9% during battery discharging. Moreover, this
paper analyzes the effect of unavoidable dc-bias currents on the
magnetic-flux saturation of the transformer. Finally, it provides
the dc–dc converter loss breakdown with more focus on the LVS
converter.

Index Terms—Bidirectional isolated dc–dc converters, dc-bias
currents, energy storage systems, lithium-ion (Li-ion) battery.

LIST OF SYMBOLS

Bg Air-gap flux density.

Bmax Maximum dc-plus-ac flux density.

Fnet Net magnetomotive force.

H Magnetizing intensity.

I1o High-voltage-side (HVS) net dc-bias current.

I21 , I22 Low-voltage-side (LVS) instantaneous switching

currents at specific times.

I2o LVS net dc-bias current.

iCD2 LVS dc-link capacitor ripple current.

Im2 LVS magnetizing current.

IRC RC-snubber rms current.

Lσ2 LVS stray inductance.

Lm1 HVS magnetizing inductance.

Lm2 LVS magnetizing inductance.

N Transformer turns ratio.

N1 Transformer HVS turns number.

N2 Transformer LVS turns number.

PB Battery power.

PD DC–DC converter power transfer.
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PRC RC-snubber loss.

RCE Insulated-gate bipolar transistor (IGBT) equiva-

lent collector–emitter resistance.

Rdc1 Total HVS dc resistance.

Rdc2 Total LVS dc resistance.

RDS(ON) MOSFET on-state resistance.

RFWD HVS equivalent diode forward resistance.

Rwcml MOSFET lead resistances.

Vdc1 HVS net dc voltage.

Vdc2 LVS net dc voltage.

α, β, k PC40-core parameters.

φac Maximum ac flux.

I. INTRODUCTION

IN JAPAN, photovoltaic (PV) systems with a power output

capacity of 3–4 kW have been installed in some detached

residential houses, whereas some schools and buildings have

installed those with a power capacity of 10–30 kW [1]. Those

PV systems are grid-connected and are usually without energy

storage systems. Massive penetration of PV systems with the

capability of exporting electric power into the grid, but without

energy storage systems, can affect the grid due to their intermit-

tent nature. Therefore, integration of energy storage systems is

essential to make the output power of PV systems dispatchable

in supply and demand control [2], [3].

High-efficiency power converters are indispensable to charg-

ing and discharging of energy storage devices. The single-phase,

full-bridge bidirectional isolated dc–dc converter was first intro-

duced in [4] for high-power-density power conversion systems.

The converter realizes a low component count and a low device

stress. High power transfer capability in the converter can be

achieved by simple phase-shift modulation [4], [5]. This con-

verter is the most efficient when the dc-voltage ratio between

the HVS and the LVS is close to the transformer turns ratio. The

overall efficiency of the 350-V, 10-kW dc–dc converter is 97%

when the fifth-generation trench-gate IGBTs are used, and it is

predicted to increase to 99%, if silicon carbide power switching

devices are used in the near future [6]. The advantages of the

converter have made it attractive for high-power automotive ap-

plications [7]–[9] and utility applications [10]–[12]. Three-port

bidirectional isolated dc–dc converters are also proposed in [13]

and [14].

The transformer used in an isolated dc–dc converter can expe-

rience magnetic-flux saturation due to a dc-bias current flowing

in it [15], [16]. As a result, high-current pulses can be observed in
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Fig. 1. Li-ion battery bank of 53.2 V, 40 A·h connected to the 6-kW bidirectional isolated dc–dc converter, where LS is the background system impedance
(<1%). LAC = 280 µH (1.3%), LF = 44 µH (0.2%), RF = 0.2 Ω (3%), and CF = 150 µF (33%) on a three-phase 200-V, 6-kW, and 50-Hz base.

the ac current. They cause additional current stress in the switch-

ing devices, reduce efficiency, and may damage the dc–dc con-

verter in the worst case. The so-called “dc-blocking capacitors”

are typically used to prevent the transformer from magnetic-

flux saturation. However, available high-frequency capacitors

may not meet high-current requirements. Parallel connections

of multiple capacitors are accompanied by bulkiness, increased

cost, and decreased reliability. Krismer and Kolar [9] designed

a 100-kHz transformer with a low magnetic-flux density not

only to achieve a low core loss but also to provide a large safety

margin prior to the saturation flux density. However, they did

not address any dc-bias current in the transformer. Klopper and

Ferreira [17] proposed a sensor for measurement of flux below

a saturation level.

This paper presents the 53.2-V, 2-kW·h Li-ion battery energy

storage system based on the 6-kW full-bridge bidirectional iso-

lated dc–dc converter using a 20-kHz transformer. The circuit

configuration is similar to that in [6], [10], and [11]. However,

this paper aims at demonstrating the performance of the bidirec-

tional isolated dc–dc converter for low-voltage and high-current

battery applications. It provides experimental and theoretical

discussions concerning the effect of dc-bias currents on the

magnetic-flux saturation of the high-frequency transformer. This

consideration helps in designing an appropriate air-gap length

in high-frequency transformers with different voltage and cur-

rent ratings. The overall loss breakdown of the dc–dc converter

compares the loss distribution of the low-voltage high-current

converter with that of the high-voltage low-current converter.

II. EXPERIMENTAL SYSTEM

A. System Configuration

Fig. 1 shows the experimental setup consisting of a three-

phase pulse-width-modulated (PWM) converter, the 6-kW bidi-

rectional isolated dc–dc converter, and the 53.2-V, 40-A·h
Li-ion battery bank. The PWM converter is connected at the

point of common coupling to the 200-V, 50-Hz ac-side through

the ac-link inductor Lac , and the switching-ripple-filter circuit

is represented by LF , CF , and RF . The battery bank consists of

two 26.6-V, 40-A·h Li-ion battery modules connected in series.

Note that both the nominal battery voltage of 53.2 V and the

operating voltage range of 50–59 V are determined from a prac-

tical point of view, considering system-level safety, cost, and

reliability. The high-voltage dc bus is adjusted between 305 and

TABLE I
CIRCUIT PARAMETERS OF THE BIDIRECTIONAL ISOLATED DC–DC CONVERTER

355 V to keep the dc-voltage ratio of the HVS to LVS close to

the transformer turns ratio.

Table I summarizes the parameters of the electrical compo-

nents in the bidirectional isolated dc–dc converter. The dc–dc

converter with a symmetrical structure consists of two voltage-

source converters that are referred to as bridge 1 and bridge

2 in this paper. To minimize stray inductances, the LVS uses

laminated bus bars so that ripple currents can flow into the dc

capacitor CD2 that is the combination of electrolytic capacitors

and high-frequency film capacitors.

The dc–dc converter allows bidirectional power transfer by

means of controlling the phase-shift angle δ [rad] between

square voltages v1 and v2 as follows [5]:

PD =
VD1VBN

ωL
δ

(

1 −
|δ|

π

)

(1)

where VD1 is the amplitude of v1 , VB is the amplitude of

v2 , ω is the angular switching frequency, L is the sum of the

transformer leakage inductance Ltrans and the auxiliary induc-

tances LAL and LAH , and N is the transformer turns ratio. Xie

et al. [18] proposed a dc–dc converter power flow model that

takes into account the switching-device voltage drop and dead

time. However, this paper considers the power flow as shown in

(1). The dc–dc converter is in the charging mode when voltage

v1 leads voltage v2 , and δ is denoted as positive. In the dis-

charging mode, voltage v2 leads voltage v1 , and δ is denoted as

negative.

Bridge 1 consists of four 600-V, 200-A trench-gate IGBTs

(CM200DY-12NF). Each IGBT module contains two devices in

series. A lossless capacitor is connected in parallel with each of

the IGBTs to achieve zero-voltage switching and to minimize
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TABLE II
DATA OF THE LI-ION BATTERY MODULE USED IN THE EXPERIMENTAL CIRCUIT

SHOWN IN FIG. 1

Fig. 2. Photo of the two Li-ion battery modules used for experiment, each of
which is rated at 26.6 V and 40 A·h.

turn off overvoltage across the collector–emitter terminals of the

IGBT.

Bridge 2 consists of four 100-V, 500-A MOSFETs

(PDM5001). Each MOSFET module also contains two devices

in series. From the datasheet by Nihon Inter Electronics Corpo-

ration, the on-state resistance, RDS(ON) , is as low as 0.5 mΩ.

However, the sum of the wire bond resistance, contact resistance

between the source and drain metallization and the silicon, and

the contact resistance between the metallization and lead frame

is not negligible because the total resistance Rwcml reaches

0.6 mΩ. Bridge 2 is operated in synchronous rectification mode

to minimize conduction loss. A small-sized RC snubber is con-

nected in parallel, with each of the four MOSFETs, to reduce its

switching loss and to damp out an overvoltage and the resultant

ringings.

B. Li-Ion Battery Modules

Table II presents the specifications of the Li-ion battery mod-

ules of the Li-ion battery bank shown in Fig. 1. Each of the

modules consists of seven Li-ion battery cells connected in se-

ries, where the nominal voltage of each battery cell is 3.8 V.

From the specifications given, the specific energy of the Li-ion

battery module can be determined to be 63 W·h/kg, and its

specific power to be 313 W/kg.

Fig. 2 shows the photo of the two Li-ion battery modules

used in the experimental setup. No voltage-balancing circuit is

required for the series-connected battery modules.

C. Control Method

The control method is based on an open-loop, feedforward

control intended for investigating the basic operating perfor-

mance of the dc–dc converter in the Li-ion battery energy stor-

age system. Altera’s Max 7000s complex programmable logic

TABLE III
ADJUSTMENT OF HVS DC-LINK VOLTAGE WITH BATTERY VOLTAGE

device is used to generate eight gate signals for all the gate-drive

circuits of the IGBTs in bridge 1 and the MOSFETs in bridge

2. The switching periods of bridges 1 and 2 are the same as

50 µs (20 kHz). Due to the existence of finite turn on and turn

off times of the IGBTs and MOSFETs, a dead time of 1.24 µs
is set for each leg in bridges 1 and 2. The time resolution of the

controller is 40 ns/bit, i.e., 0.29◦/bit.

Table III indicates the relation between the dc voltage at the

HVS, vD1 and the battery voltage vB during battery charging

and discharging. The battery charging operation is carried out

from an initial voltage of 54.7 V, and the discharging operation

is carried out from an initial voltage of 55.9 V. The initial voltage

is measured at iB = 0. The dc voltage vD1 is controlled with

the battery voltage vB in such a way as to minimize the voltage

change across the auxiliary inductors and transformer leakage

inductor. Adjustment of vD1 is carried out by changing the

reference voltage of the three-phase PWM converter.

III. EXPERIMENTAL RESULTS

This section demonstrates the performance of the designed

dc–dc converter in charging and discharging the Li-ion bat-

tery bank by adjusting the HVS dc voltage vD1 , as the battery

voltage vB at the LVS varies. The switching-frequency-based

waveforms of Figs. 3–6 were observed through the Tektronix

TDS3014B.

A. Experimental Waveforms

Fig. 3 presents the ac voltage and current waveforms of

bridges 1 and 2 when the Li-ion battery is charged and dis-

charged at PB = ±5.9 kW. The effect of stray inductance at the

LVS is seen as the following change in voltage v2 , where

v2 = Lσ2
di2
dt

+ vB . (2)

A nonnegligible stray inductance of a few tens of nanoHenries

makes it difficult to achieve soft switching at turn off at the

LVS. It may also cause MOSFET drain–source overvoltages

and increase the switching loss.

In Fig. 3(a), v1 leads v2 because the Li-ion battery is charged.

The high-voltage dc bus is 355 V, and the battery voltage (the

low-voltage dc bus) is 59 V. The peak current of i2 is 153 A.

The dc-bias current is 0.16 A in i1 , and −4.36 A in i2 . For

the duration of a phase-shift angle of δ = 5.78µs, the rate of

change of i2 (within the dotted lines) is calculated as di2/dt =
−46.7A/µs. The rate of change of current causes a voltage drop

of ∼4 V across the stray inductance in bridge 2. This gives the

stray inductance as Lσ2 = 85.6 nH from (2).
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Fig. 3. Experimental waveforms with dc-voltage control at the HVS.
(a) Charging mode at PB = 5.9 kW (VD1 = 355 V). (b) Discharging mode
at PB = −5.9 kW (VD1 = 305 V).

In Fig. 3(b), v2 leads v1 because the Li-ion battery bank is

discharged. The high-voltage dc bus is 305 V, and the battery

voltage is 50.5 V. The peak current of i2 is 171 A. The dc-bias

current is 0.33 A in i1 , and 6.05 A in i2 . For the duration of a

phase-shift angle of δ = 7.35µs, the rate of change i2 (within

the dotted lines) is calculated as di2/dt = −42.2A/µs. The rate

of change of current causes a voltage drop of ∼3.5 V across the

stray inductance in bridge 2. This gives the stray inductance

as Lσ2 = 82.9 nH, which is nearly equal to the value from

Fig. 4. Waveforms of vD1 , vB , and iB . (a) Battery charging at PB = 5.9 kW .
(b) Battery discharging at PB = −5.9 kW .

Fig. 5. Drain–source and gate–source voltages of a leg in bridge 2 at PB =
5.9 kW , VD1 = 355 V, and VB = 59 V.
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Fig. 6. Effects of the RC-snubber on a MOSFET in bridge 2 during battery
charging at PB = 5.9 kW . (a) Drain–source voltage and RC-snubber current.
(b) Time-expanded waveform of vDS and iRC .

Fig. 3(a). This stray inductance value is used to design the RC

snubbers shown in Fig. 1 and Table I.

The adjustment of vD1 with the variation of vB can minimize

the rate of change of the currents i1 and i2 over the time interval

of conduction. Therefore, a rather flat top ac current is observed

in i1 and i2 . This method contributes to minimizing the peak

switching current, especially during battery charging because a

higher switching current causes a higher turn off overvoltage.

Fig. 4(a) shows the waveforms of the dc voltage at the HVS,

the Li-ion battery voltage, and the battery current when the

battery is charged at PB = 5.9 kW. Fig. 4(b) shows those when

the battery is discharged at PB = −5.9 kW. In bridge 2, the

current iB becomes a part of the rectified current of i2 . Since

i2 has a frequency of 20 kHz, iB should contain a 40-kHz

component. However, it is observed from Fig. 4 that the current

iB , flowing into, or out of, the Li-ion battery bank have almost

none of the 40-kHz ripples. The ripples in the battery voltage vB

are also negligible. A 40-kHz ripple voltage exists at the HVS,

which is 6% during battery charging and 9% during battery

discharging.

Fig. 5 presents the time-expanded waveforms of the drain–

source and gate–source voltages of a leg in bridge 2 at PB =
5.9 kW, VD1 = 355V, and VB = 59V. The so-called “Miller

effect” that lasts for approximately 400 ns is observed from

the gate–source voltage of the lower MOSFET vGSL , which

increases the turn off switching loss. On the other hand, voltages

vGSU and vDSU show that zero-voltage switching at turn on

is achieved in the upper MOSFET with a negligible turn on

switching loss.

Fig. 6(a) shows the drain–source voltage vDS of a MOSFET in

bridge 2 and the RC-snubber current iRC of the corresponding

snubber circuit during battery charging at PB = 5.9 kW. The

RC snubbers mitigate the overvoltages and ringings across the

MOSFET drain–source terminals. The current flow in the RC

snubber produces a snubber loss in bridge 2 that is estimated in

Section V-A.

Fig. 6(b) presents the time-expanded waveforms of vDS and

iRC . The time taken to charge the snubber capacitor across

the MOSFET to vB (resonant-transition time), including the

settling time of the voltage ringings (parasitic-resonance time)

is approximately 0.9 µs. During the resonant-transition time,

the drain–source voltage of one diagonal MOSFET pair swings

from 0 to vB , and that of the other diagonal MOSFET pair

swings from vB to 0. Note that iD2 is 0 during the resonant

transition time, and that the ac current of bridge 2 i2 circulates

in the four RC snubbers, the transformer, and the LVS auxiliary

inductors.

Moreover, Fig. 6(b) implies that the turn off switching loss

in bridge 2 may not be negligible. This is deduced from the

rise time of the MOSFET drain–source voltage, which is almost

simultaneous to the rise time of the RC-snubber current, indicat-

ing that the snubber capacitor is not large enough to minimize

the rate of change of the MOSFET drain–source voltage. Addi-

tionally, the peak current in the RC snubber is 22 A, which is less

than half of the MOSFET peak turn off current. This means that

an amount of current flows in the MOSFET during turn off, and

that the current results in a nonnegligible turn off switching loss.

B. Converter Efficiency

Fig. 7 shows the measured plots of the dc–dc converter ef-

ficiency and the battery terminal voltage when the battery is

charged and discharged between 500 W and 5.9 kW. Power at

the HVS, Pdc1 is calculated from measurements of vD1 and iD1 ,

and the battery power PB is calculated from measurements of

vB and iB by using the Hioki 3139 power meter having a mov-

ing average function. The losses in the Li-ion battery, the PWM

converter, and the cables connecting the battery and PWM con-

verter to the dc–dc converter are not considered. Therefore, this

paper will consider the low-side dc-link voltage as the battery

voltage vB . The accuracies of the measuring instruments are

listed in the Appendix.

The measured efficiency points in Fig. 7 are fitted with an ex-

ponential function, whereas the measured battery voltage points

are fitted with a first-order polynomial function. Note that both

functions use the least-mean-square approximation.

The efficiency of the dc–dc converter is less than 92% at

low power levels (<1 kW). As bridge 2 is operated in syn-

chronous rectification, the conduction loss in bridge 2 should

not be significant at a low conduction current. The conduc-

tion loss in bridge 1, the snubber loss due to hard switching

or incomplete zero-voltage switching, and the switching loss in

bridges 1 and 2 would dominate the loss at this low-power level.

At battery charging, the measured converter efficiency peaks at

96% at PB = 1.6 kW. At battery discharging, measured con-

verter efficiency averages at 96.8% between PB = −1.2 kW
and PB = −2.2 kW. The maximum efficiency of the converter

is achieved around the onset of zero-voltage switching. An ob-

servable decrease in converter efficiency exists when the battery
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Fig. 7. Measured dc–dc converter efficiencies and battery voltages. (a) Battery
charging. (b) Battery discharging.

power is between ±3 and ±6 kW. This is the result from an

increase in conduction, copper, ohmic, and switching losses, as

the operating current increases to 100 A during battery charg-

ing, and to 120 A during battery discharging at the LVS. The

estimation of loss breakdown is shown in Section V.

C. Power Transfer Versus Phase-Shift Angle

Fig. 8 compares the experimental and theoretical power trans-

fer PD versus phase-shift angle δ during battery charging and

discharging. The experimental phase-shift angle is the refer-

ence angle from the controller. The calculation of the theoretical

phase-shift angle is derived from (1) to be

δ =
π

2
−

√

π2

4
−

ωπLPD

VD1VBN
(3)

during battery charging, and

δ = −
π

2
+

√

π2

4
+

ωπLPD

VD1VBN
(4)

during battery discharging. In order to calculate the theoretical

phase-shift angle, the measured values of PD , VD1 , and VB are

substituted into (3) or (4). When charging, the power transfer

PD is equal to the battery power PB and it is denoted as positive.

When discharging, PD is equal to the power at the HVS Pdc1 and

it is denoted as negative. Note that the theoretical calculation is

not entirely idealized due to the usage of the experimental values

Fig. 8. Bidirectional power transfer versus phase-shift angle.

in the calculation, but it is considered reasonable in making the

comparison. The curves for the theoretical and experimental

points are fitted with the function in (1) using the least-mean-

square approximation. The absolute value of the power transfer

increases, as the phase-shift angle increases in the positive and

negative directions.

For the charging and discharging modes of operation, the the-

oretical and measured curves are seen to be in good agreement

because the dc-voltage ratio of the HVS to the LVS is kept

close to the transformer turns ratio. Based on the experimental

results, at δ = 0, the power transfer is not zero, but is 500 W.

Almost no power flows when the reference phase-shift angle is

about −4◦. The dead time in the converter causes a phase differ-

ence between voltages v1 and v2 , resulting in a power transfer

that deviates from the converter power transfer model in (1).

The deviation is more severe when the dc-voltage ratio of the

HVS to the LVS is not equal to the transformer turns ratio. Xie

et al. [18] have proposed a more accurate power transfer model

for the dc–dc converter, which is divided into eight different

regions of operation. The model is useful for accurate power

management when vD1 �= NvB .

IV. TRANSFORMER OF 20 KHZ

This section discusses the dc-bias current phenomenon ob-

served in the transformer. An air-gap length of 1 mm is inserted

to prevent the transformer from magnetic-flux saturation, even

in the worst case that considers transient conditions and a margin

of manufacturing and component tolerances.

A. Maximum AC-Flux Density and Magnetizing Current

Table IV presents the specifications of the 20-kHz transformer

with an air-gap length of 1 mm, where the core material is ferrite

PC40. The maximum ac-flux density Bac can be calculated as

Bac =
VD1

4N1Aef
= 0.104T (5)

where VD1 = 360V is the rated voltage at the HVS. The

magnetizing inductance at the LVS is equivalent to 48.9 µH

(=1.76mH/36). The magnetizing current is triangular, and at

the battery voltage of 59 V, its LVS-referred peak and rms
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TABLE IV
SPECIFICATIONS OF THE 20-KHZ TRANSFORMER USED IN EXPERIMENT

currents are 15.3 and 8.9 A, respectively. An optimal design

in the air-gap length results in a reasonable magnetizing current

in the transformer.

B. DC-Bias Currents at the HVS and LVS

The bidirectional isolated dc–dc converter produces square-

wave ac voltages that are applied to the HVS and LVS of the

20-kHz transformer. An unequal voltage–time area in each ac

voltage would result in a net dc voltage in either side of the

transformer. A dc-bias current can cause magnetic-flux sat-

uration that produces high current pulses in the transformer.

This burdens the switching devices with additional current

stress, reduces converter efficiency, and may damage the dc–dc

converter.

There are several factors that can cause dc-bias currents in

the transformer. These include the following:

1) unequal gate-drive circuits;

2) unequal saturation voltage in the IGBTs;

3) unequal on-state resistance of the MOSFETs;

4) asymmetry in transient overvoltages across the IGBTs and

MOSFETs;

5) unequal turn on and turn off times of the IGBTs and MOS-

FETs.

Manufacturing and component tolerances make it im-

possible to predict accurate degrees of mismatches in the

IGBTs/MOSFETs and their gate-drive circuits at the stage of

system design. As shown in Fig. 3, an amount of dc-bias current

was observed in the experimental waveforms.

Fig. 9 shows the theoretical digital control signals for the

two diagonal-pair MOSFETs, and the ensuing square-wave ac

voltage v2 at the LVS under both ideal and practical condi-

tions. Note that the on-state resistance across each MOSFET

is assumed equal, and no transient overvoltage is considered in

Fig. 9. The dash-line waveform of v2 represents the ac voltage

at the LVS under the ideal condition. It shows that at times ta
and tc , the polarity of v2 changes from negative to positive when

the gate signal for diagonal-pair 2 changes from high to low. At

the time tb , the polarity of v2 changes from positive to negative

when the gate signal for diagonal-pair 1 changes from high to

low. In this case, the voltage–time area for one half of a switch-

ing cycle is equal to that for the other half of the switching cycle.

However, possible delays in the turn on and turn off times of the

MOSFETs and the output signals from their gate-drive-circuits

can defer the polarity change in v2 . The solid-line waveform

of v2 shows the following difference caused by the delays: The

diagonal-lined voltage-time area is larger than the gray-shaded

voltage–time area. Hence, the presence of the delay-time differ-

Fig. 9. Theoretical MOSFET gate signals and the resultant ac voltage v2 at
the LVS that emphasizes on the time delay during the dead time.

ence defined by ∆t(=t1 − t2) yields a net positive dc voltage in

the LVS every switching cycle. A net negative dc voltage is also

possible. The same situation can appear in square-wave voltage

v1 at the HVS, resulting in a positive or negative net dc voltage

every switching cycle.

Table V presents the measured dc-resistance values of the

passive components and connecting cables in the dc–dc con-

verter. A constant current source of Idc = 5A was connected

across the transformer HVS, whereas Idc = 25A was connected

across the transformer LVS, other components, and cables, and

the terminal dc voltage of each of them was measured. The total

dc resistance at the LVS in the charging and discharging modes

Rdc2 is expressed as

Rdc2 = 2RDS(ON) + 2Rwcml + RALo + R2o

= 3.16mΩ. (6)

The total dc resistance at the HVS in the charging and discharg-

ing modes Rdc1 is expressed as

Rdc1 = 2RFWD(or 2RCE) + RAHo + R1o + RCBLo

= 42mΩ(or 33.9mΩ) (7)

where RFWD is the equivalent diode forward resistance in the

discharging mode, which excludes the threshold voltage from

the iA –vAK curve of the diode, and it is estimated as 7.8 mΩ
from the datasheet by Mitsubishi Electric. Similarly, RCE is the

equivalent collector–emitter resistance in the charging mode,

which excludes the threshold voltage from the iC –vCE curve

of the IGBT, and it is estimated as 3.75 mΩ from the same

data sheet. Note that the MOSFET on-state resistance, the IGBT

equivalent collector–emitter resistance, and the equivalent diode

forward resistance have a role in reducing the dc-bias currents

in the dc–dc converter.

The dc-bias current in the LVS was measured as 6.05 A at the

rated power in the discharging mode. Based on the calculated

dc resistance Rdc2 , the net dc voltage of v2 Vdc2 is deduced as

19.1 mV. From Fig. 9, the delay-time difference ∆t is calculated

as

∆t =
Vdc2T

VB
= 19ns (8)

where T = 50µs and VB = 50.5V.
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TABLE V
DC-RESISTANCE VALUES OF THE PASSIVE COMPONENTS IN THE DC–DC

CONVERTER

The dc-bias current in the HVS was measured as 0.33 A at the

rated power in the discharging mode. Based on the dc resistance

Rdc1 , the net dc voltage of v1 Vdc1 is deduced as 13.9 mV. The

delay-time difference ∆t is calculated as

∆t =
Vdc1T

VD1
= 2.3 ns (9)

where VD1 = 305V. Note that VD1 is much higher than Vdc1 ,

and that measurements of the net dc voltages Vdc1 and Vdc2 can-

not be carried out because reasonable accuracy is unachievable

as v1 and v2 also include transient overvoltages.

The delay-time differences are seen to be less than the con-

troller resolution (40 ns). This means that the controller resolu-

tion is not responsible for the dc-bias currents. Since the delay-

time differences are very small, measurements with reasonable

accuracy are challenging. Therefore, the delay-time differences

in (8) and (9) are calculated based on the measured dc-bias cur-

rents in the HVS and LVS and the measured dc resistances that

are shown in Table V. Considering that the measured values are

subjected to the accuracies of the measuring instruments (0.5%

to 2% of reading), the calculated delay-time differences are only

approximations.

C. Net DC Magnetomotive Force

In the discharging mode of Fig. 3(b), the positive dc-bias

currents at both HVS and LVS produce a dc flux that has a

slight cancellation effect. As a result, the net magnetomotive

force can be expressed as

Fnet = N2I2o − N1I1o = 24.4A·turns (10)

where I1o and I2o are the dc-bias currents at the HVS and LVS,

respectively.

The dc-bias currents can also be of opposite polarity, as shown

in the charging mode of Fig. 3(a). Each dc-bias current produces

a dc flux that has a slight cumulative effect. The net magneto-

motive force is expressed as

Fnet = −(N2I2o + N1I1o) = −31.9A·turns. (11)

Fig. 10 shows the relationship of the magnetic flux density

and flux with the magnetomotive force of the transformer with

no air gap and air-gap lengths of 0.2, 0.5, 1.0, and 2.0 mm

at a temperature of 120 ◦C. The saturation flux density of the

core reduces to 0.35 T at 120 ◦C. These curves are derived

based on the B–H curve obtained from the datasheet of ferrite

PC40 with the help of the following basic relationship between

Fig. 10. Ferrite-core (PC 40) flux density and flux versus magnetomotive force
at 120 ◦C. (a) Comparison between the transformer with no air gap and four
different air-gap lengths. (b) The magnetomotive force is expanded.

magnetomotive force and magnetic flux density:

F = Hlc +
lgBg

µ0
(12)

where H is the magnetizing intensity, Bg is the air-gap flux

density, and µ0 (=4π × 10−7 H/m) is the permeability of air.

The following assumption is made: Neither fringing effects at

the air gap nor leakage flux exists.

Fig. 10(b) indicates that the change in flux with current is

approximately 0.008 mWb/A in the transformer with the air-gap

length of 1 mm. This theoretical value is in good agreement with

the one calculated from the measured magnetizing inductance

value as follows:

dφ

di
=

(Lm1/N
2)

N2
= 0.008mWb/A (13)

where N = 6 from Table I, and Lm1 = 1.76 mH and N2 = 6
from Table IV.

D. Design of an Optimal Air-Gap Length

In the worst case of the experimental results, the dc-bias

currents at the HVS and LVS accumulate to produce a net mag-

netomotive force of 31.9 A·turns in the charging mode, as shown

in (11). From Fig. 10(b), the initial dc-flux density Bdc is 0.241

T for the transformer with no air gap. This means that the oper-

ating condition is almost at the saturation flux density because
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TABLE VI
CALCULATED MAGNETIZING INDUCTANCE AND CURRENT AT THE LVS, AND

DC-FLUX DENSITY FOR VARIOUS AIR-GAP LENGTHS AT 120 ◦C

the maximum dc-plus-ac flux density reaches 0.345 T. How-

ever, the transformer with an air-gap length of 1 mm has an

initial dc-flux density of 0.035 T. The maximum dc-plus-ac flux

density reaches 0.139 T, leaving a decent margin prior to the

saturation flux density. Note that the maximum dc-plus-ac flux

density in the possible worst case for the transformer with an

air-gap length of 1 mm, Bmax is given by

Bmax = (0.104 × 2) + (0.035 × 2) = 0.278 < 0.3T (14)

where the doubling factor for the ac-flux density could come

from start-up and transient conditions, and that for the dc-flux

density could come from a margin of manufacturing and com-

ponent tolerances.

Table VI summarizes the peak and rms magnetizing currents,

the magnetizing inductance, and the dc-flux density that would

be present when the net magenetomotive force is 31.9 A·turns,

for various air-gap lengths. The peak magnetizing current at the

LVS is calculated as

Im2 =
N2φac

Lm2
(15)

where φac is the maximum ac flux, and Lm2 is the magnetizing

inductance at the LVS, which is obtained from the curves in

Fig. 10. For an air-gap length of 0.5 mm, the maximum dc-plus-

ac flux density in the possible worst case would be 0.33 T, which

is close to the saturation flux density. For an air-gap length of

2 mm, the rms magnetizing current would be 14.4% of the rated

current, which could increase the copper loss. Finally, Table VI

suggests that the acceptable air-gap length would be in the range

of 0.5 to 1 mm. However, in consideration of the possible worst

case, the air-gap length of 1 mm is concluded to be optimal for

this system.

Manufacturing and component tolerances are unavoidable in

any practical bidirectional isolated dc–dc converter. Slight com-

ponent mismatches in bridges 1 and 2 produce a net dc magne-

tomotive force in the transformer with different voltage and cur-

rent ratings in the primary and secondary sides. The component

mismatches are due to the dc–dc converter employing different

switching devices and gate-drive circuits. The dc–dc converter

in [6], [10], and [11] had a toroidal-core transformer with a turns

ratio of 1:1, in which the nanocrystalline soft-magnetic material

with a saturation flux density of 1.3 T, named Finemet, was used

and the ac magnetic flux density was designed as 0.86 T. This

transformer with no air gap did not experience any magnetic-

flux saturation. This would result from using the same IGBTs

and gate-drive circuits, where good matches in the IGBTs and

the gate-drive circuits could aid in minimizing or even canceling

the dc magnetomotive force at the primary and secondary sides

with the same voltage and current ratings.

The effect of dc-bias currents on the transformer would be-

come more severe when SiC-MOSFETs are employed in the

HVS, because the on-state resistance of the SiC-MOSFETs is

expected to be one-fifth as low as that of the Si-MOSFETs [6],

[20]. Therefore, inserting an appropriate air gap into the trans-

former ensures stable operation of the dc–dc converter without

causing magnetic-flux saturation.

V. LOSS BREAKDOWN

This section presents the estimated loss distribution in the

dc–dc converter under the following two battery charging con-

ditions: One is at PB = 4.1 kW, VD1 = 340V, VB = 57.8V,

and IB = 70A, and the other is at PB = 5.9 kW, VD1 = 355V,

VB = 59V, and IB = 100A . Although the method of loss

breakdown is the same as that in the previous papers [6], [10],

the following differences exist: This paper takes into account the

RC-snubber and dc-capacitor losses at the LVS, and calculates

the auxiliary-inductor core loss using an improved generalized

Steinmetz equation [21] that is suitable for nonsinusoidal exci-

tation waveforms.

A. RC-Snubber Loss

Zero-voltage switching is achieved in both the HVS and LVS

at PB = 5.9 kW and PB = 4.1 kW. However, the RC snubbers

in the LVS produce an amount of loss. From the measured

waveform of iRC in Fig. 6(b), the rms current IRC is 2.27 A at

PB = 5.9 kW. Assuming that the same rms current flows in the

other three RC snubbers, the total loss in the four RC snubbers

is given by

PRC = 4I2
RC RSL = 34.4W. (16)

At PB = 4.1 kW, PRC = 30.6W, since IRC = 2.14A.

The total loss can also be calculated from its energy loss for

one switching cycle as follows:

PRC = 4CSLV 2
B f. (17)

The total loss at PB = 5.9 kW and PB = 4.1 kW are 39.3 and

37.6 W, respectively. These RC-snubber losses agree fairly well

with those calculated from the measured RC-snubber current.

B. Core Loss in Auxiliary Inductors

The voltage drop across the high-voltage and LVS induc-

tors are deduced from the rate of change of currents i1 and i2
per switching cycle. The Steinmetz parameters of ferrite PC44

are α = 1, β = 2, and k = 150W · Hz−1 · T−2 · m−3 from the

datasheet. Using the Steinmetz parameters and the improved

generalized Steinmetz equation, the inductor core losses in the

HVS and LVS at PB = 5.9 kW are 3.2 and 20.2 W, respectively.

At PB = 4.1 kW, the inductor core losses in the HVS and

LVS are 1.6 and 4.8 W, respectively.
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Fig. 11. Observed and simplified theoretical current waveforms at PB =
5.9 kW . (a) Observed waveforms of i2 and iD2 . (b) Simplified waveforms
of iD2 and iCD2 .

C. DC-Capacitor Loss at the LVS

Fig. 11(a) shows the experimental waveforms of i2 and iB
at PB = 5.9 kW. As specially designed laminated bus bars

are used at the LVS, measurements of the currents iD2 and

iCD2 are restricted. Therefore, Fig. 11(b) shows the simplified

waveforms of iD2 and iCD2 , where iD2 can be analyzed from

the charging operation, and iCD2 is the ripple current flowing in

the dc capacitors at the LVS. The ripple current is obtained as

iCD2 = iD2 − iB .

The analysis of iD2 and iCD2 are based on the following as-

sumptions: Since Fig. 6(c) shows that the resonant transition

time of i2 is less than 0.9 µs, this time in which iD2 is 0 is

negligible with respect to its fundamental frequency (40 kHz).

In addition, only the dc and fundamental components are con-

sidered in the simplified waveforms. Because the waveform of

iB contains almost no 40-kHz ripple, it can be assumed that the

ripple current flows into the dc capacitors CD2 .

Referring to the datasheets, the equivalent series resistance

(ESR) of the film and electrolytic capacitors can be approxi-

mated to be 3.2 mΩ. At PB = 5.9 kW, the rms current of iCD2

can be calculated from Fig. 11(b) to be 71.1 A. Hence, the ESR

loss in CD2 is 16 W. At PB = 4.1 kW and δ = 3.52µs, the cur-

rents I21 and I22 are measured to be 99 and 73 A, respectively.

Hence, the rms current of iCD2 can be calculated to be 39.4 A

so that the ESR loss in CD2 is 5 W. Note that I21 and I22 are

defined as the instantaneous switching currents of bridge 2 at

specific times. While the values of I21 and I22 in this section

are obtained from experiments, the calculation for the switching

currents can be found in [6] and [22].

D. HVS Switching Loss and Ohmic Loss

Fig. 12 shows the experimental results relating the dc–dc

converter loss with the switching frequency between 10 and

Fig. 12. Relationship between the dc–dc converter loss and switching fre-
quency at PB = 4.1 kW , VD1 = 340 V, and VB = 57.8 V, and at PB =
5.9 kW , VD1 = 355 V, and VB = 59 V.

20 kHz for battery powers of 5.9 and 4.1 kW. The experimen-

tal data were fitted with a first-order polynomial and extrap-

olated to zero switching frequency. The frequency-dependent

losses at PB = 5.9 kW and PB = 4.1 kW are estimated as 334

W (424W − 90W) and 145 W (225W − 80W), respectively.

They include LVS snubber loss, transformer-core and inductor-

core losses, and switching loss. Based on the estimated losses

in earlier sections, the switching loss is the most dominant of

the frequency-dependent loss.

Inoue and Akagi [6] showed that the total switching loss for

the 350-V bidirectional isolated dc–dc converter using IGBTs

was estimated as 90 W at 10 kW. Assuming that the switching

loss is proportional to the power transferred, the switching loss

in bridge 1 is 27 W at PB = 5.9 kW, and 18 W at PB = 4.1 kW.

The ohmic loss is considered to be mainly contributed by the

contact points and laminated bus bars at the LVS. The contact-

point ohmic losses can be estimated to be in the range of 2–5

W. The total ohmic loss in the dc–dc converter is deduced to be

in a range of 4–10 W at PB = 4.1 kW or PB = 5.9 kW.

E. Estimated Loss Distribution and Considerations

Fig. 13 shows the estimated overall loss breakdown at bat-

tery charging powers of 4.1 and 5.9 kW. At PB = 5.9 kW,

VD1 = 355V, VB = 59.0V, and IB = 100A, the measured dc–

dc converter loss and efficiency are 424 W and 93.3%. The esti-

mated loss, including the conduction, RC-snubber, transformer-

core, inductor-core, copper, ESR, HVS switching loss, and

ohmic loss, is 224 W. Therefore, the LVS switching loss is

200 W. At PB = 4.1 kW, VD1 = 340V, VB = 57.8V, and

IB = 70A, the measured dc–dc converter loss and efficiency

are 225 W and 94.8%. The estimated loss excluding the LVS

switching loss is 132 W. Therefore, the LVS switching loss is

93 W.

Fig. 14 presents the loss distribution in bridges 1 and 2, and

the magnetic components, which include the transformer and

auxiliary inductors at the rated power. The figure illustrates

that the switching loss of 200 W in bridge 2 is the largest

portion (47%) of the loss in the dc–dc converter. The total loss in

the switching devices, which include conduction and switching
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Fig. 13. Estimated loss breakdown at PB = 4.1 kW , VD1 = 340 V, VB =
57.8 V, and ID2 = 70 A, and that at PB = 5.9 kW , VD1 = 355 V, VD2 =
59 V, and IB = 100 A.

Fig. 14. Estimated loss distribution in bridges 1 and 2, and the magnetic
components at PB = 5.9 kW , VD1 = 355 V, VD2 = 59 V, and IB = 100 A.

losses, is 71% of the loss in the dc–dc converter at the rated

power.

The MOSFET employed in bridge 2 has a very low on-state

resistance (0.5 mΩ). As a result of a tradeoff, the very low on-

state resistance compromises the switching loss in the MOS-

FET. Therefore, this class of MOSFET is more optimal at lower

switching frequencies to minimize the switching loss.

Fig. 12 indicates that the efficiency of the 6-kW bidirectional

isolated dc–dc converter at the rated power can be improved

when the switching frequency of the dc–dc converter is reduced.

For example, at a switching frequency of 10 kHz, the overall

efficiency of the dc–dc converter can be improved by 2–3% at

the rated power. The extrapolation based on the experimental

results shows that at the rated power, the dc–dc converter can

achieve an efficiency as high as 97% at a switching frequency of

5 kHz at the expense of generating acoustic noise and requiring

a bulky transformer.

VI. CONCLUSION

This paper has presented the experimental results from the

combination of a 53.2-V, 40-A·h Li-ion battery bank with a

single-phase full-bridge bidirectional isolated dc–dc converter.

The results have verified the proper operation of the Li-ion bat-

tery energy storage system. Discussions focusing on magnetic-

flux saturation due to unavoidable dc-bias currents at the high-

voltage and LVSs have been carried out. The transformer with

an air-gap length of 1 mm has been shown experimentally to

be robust against magnetic-flux saturation, even in the worst

cases. The bidirectional isolated dc–dc converter exhibits high

efficiency in the low-voltage and high-current operation. From

the estimation of loss distribution in the dc–dc converter, a large

portion of the loss at the rated power is caused by the turn off

switching loss at the LVS. One of the best methods of improving

the efficiency of the dc–dc converter is to operate it at a lower

switching frequency. However, this method is accompanied by

acoustic noise generation and a bulky transformer.

APPENDIX

The 9602 ac/dc clamp-on meters of Hioki 3139 have the

following specifications:

1) Voltage meter

a) DC-voltage measurement range: 0–600 V;

b) accuracy: ±0.2% of full scale.

2) Current meter

a) DC-current range: 0–500 A (depending on the rat-

ing of the clamp-on current transducer);

b) accuracy: ±0.2% of full scale.

The dc-current ranges for the 9278 universal clamp-on cur-

rent transducer at the HVS and LVS are 0–50 and 0–200 A,

respectively. Their accuracies are ±0.05% of full scale.
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